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ABSTRACT 
Wireless communication systems and devices have been developing at a much faster 
pace in the past few years. With the introduction of new applications and services and the 
increasing demand for higher data rate comes the need for new frequency bands and new 
standards. One critical issue for next generation wireless devices is how to support all of the 
existing and emerging bands while not increasing the cost and power consumption. A 
feasible solution is the concept of the software-defined radio where a single receiver can be 
reconfigured to operate in different modes, each of which supports one or several bands 
and/or standards. To implement such a reconfigurable receiver, reconfigurable RF building 
blocks, such as the LNA, mixer, VCO, etc., are required. This dissertation focuses on two 
key blocks: the low noise amplifier (LNA) and the voltage controlled oscillator (VCO). 
First the design, modeling and characterization of a multi-tap transformer are 
discussed. Simple mathematical calculations are utilized to estimate the inductances and 
coupling coefficients from the physical parameters of a multi-tap transformer. The design 
method is verified with several designed multi-tap transformers that are characterized up to 
10 GHz using Momentum simulation results. The effect of switch loss on a switched multi-
tap transformer is explored and a broadband lumped-element model of the multi-tap 
transformer is also proposed.  
Next a reconfigurable multimode LNA capable of single-band, concurrent dual-band, 
and ultra-wideband operation is presented. The multimode operation is realized by 
incorporating a switched multi-tap transformer into the input matching network of an 
inductively degenerated common source amplifier. The proposed LNA achieves single band 
 xii 
 
matching at 2.8, 3.3, and 4.6 GHz; concurrent dual-band matching at 2.05 and 5.65 GHz; and 
ultra-wideband matching from 4.3 to 10.8 GHz. The chip was fabricated in a 0.13 µm CMOS 
process, and occupies an area of 0.72 mm
2
, and has a power dissipation of 6.4 mW from a 
1.2-V supply. 
Finally, a triple-mode VCO using a transformer-based 4
th
 order tank with tunable 
transconductance cells coupling the primary and secondary inductor is introduced. The tank 
impedance can be re-shaped by the transconductance cells through the tuning of their biasing 
currents. With the control of biasing current, VCO is configured in three modes, capable of 
generating a single frequency in 3- and 5- GHz bands, respectively, and two frequencies in 
both 3- and 5- GHz bands simultaneously. The triple-mode VCO was fabricated in a 0.13 µm 
CMOS process, occupies an area of 0.16 mm
2
, and dissipates 5.6 mW from a 1.2-V supply. 
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CHAPTER 1.  INTRODUCTION 
 
1.1  Motivation 
Wireless communication systems have developed dramatically in the past few years 
as the increased demand of mobile devices for online social networking, web surfing, voice 
and video calling,  video streaming, online gaming, etc.. The support of 2G/3G cellular 
feature, global positioning system (GPS) navigation, Bluetooth, Wireless Local Area 
Network (WLAN), is becoming more and more common in a ubiquitous mobile device. 
Recently, new features, such as support of 4G Long Term Evaluation (LTE), near field 
communication (NFC), etc., are being added to the wireless devices. To support the different 
applications, a wireless device needs to cover a wide frequency ranges because each 
application corresponds to one or several different standard operating in different frequency 
bands. For example, the prominent 2G/3G cellular phone supports global system for mobile 
communications (GSM), code division multiple access (CDMA), wideband code division 
multiple access (WCDMA) in the bands of 850-, 900-, 1700-, 1900-, and 2100-MHz. Besides 
those frequencies, some extra bands, such as in 700-, 1500-, 2300-, and 2600-MHz etc., have 
been added for 4G LTE. With further development of 4G LTE, the support of much more 
bands will be expected as a total of 43 bands have been proposed in the standard. Like the 
cellular feature, the WLAN also requires the support of different standards. The prominent 
standards are IEEE 802.11 a/b/g/n in 2.4- and 5- GHz and the next generation WLAN 
standard, IEEE802.11 ac, is being developed. As the development of wireless technology, a 
 2 
 
next generation wireless device, as shown in Fig. 1.1, is likely to support these existing and 
emerging standards, such as GSM/CDMA/WCDMA/LTE, WLAN (IEEE 802.11 a/b/g/n/ac), 
GPS, Bluetooth, WiMax, Wireless HD, NFC, etc.. 
With the ever increasing number of standards and applications for wireless 
communication systems comes the need for multi-band multi-standard radios. A straight 
forward way to implement such radios is to employ parallel narrowband receiver paths. 
Unfortunately, this approach suffers from significant problems with power consumption, die 
area, etc. In order to reduce the power consumption and lower hardware cost, it is desirable 
WLAN 
(802.11 a/b/g/n/ac)
Bluetooth
More ...
GPS
Wireless HD
WiMax
GSM/CDMA/WCDMA/LTE
Near field 
communication
 
Figure 1.1.  Next generation wireless device. 
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to user a single radio system capable of multi-band multi-standard communication. One 
multi-band multi-standard radio platform that has gained a lot of attention in recent years is 
the software defined radio (SDR). Ideally, a SDR receiver would be reconfigurable to receive 
a channel of arbitrary bandwidth and frequency. Moreover, successful SDR implementations 
should be capable of receiving two or more channels concurrently [1].  
A reconfigurable SDR receiver with the capability of receiving two carriers 
simultaneously is illustrated in Fig. 1.2. The low noise amplifier amplifies the incoming 
signal in the covered bands with minimum degradation of signal-to-noise-ratio (SNR) while 
providing input matching. The mixer down converts the amplified signal to baseband. The 
phase lock loop (PLL) selects the signal channel. The receiver may receive signals carried by 
a single center frequency, typically called carrier frequency or simply carrier. The receiver 
 
Figure 1.2.  Block diagram of a reconfigurable SDR receiver with capability of 
concurrent dual-carrier reception. 
LNA
f1,f2
PLL
Mixer
fo1, fo2fG
a
in
or
fG
a
in
fG
a
in
or
Baseband
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may also be configured to receive signals simultaneously carried by two different carrier 
frequencies using carrier aggregation mechanism [2]. The signals with two carrier 
frequencies may be received either in a single band, named dual-carrier intra-band reception, 
or in two different bands, named dual-carrier inter-band reception, where a band is defined as 
a small contiguous frequency range that is used for the same application.  In the single carrier 
and intra-band dual-carrier case, the receiver operates similarly to a traditional single-carrier, 
single-band receiver, where the low noise amplifier (LNA) just need cover one band at a time 
and the PLL just needs to provide a single local oscillator signal. While in the inter-band 
dual-carrier case, the LNA and mixer need cover two bands at a time and the PLL need 
provide local oscillation signal with two different frequency components simultaneously. To 
successfully realize such a SDR receiver, it requires flexible reconfigurable building blocks 
that are area and power efficient. 
The LNA as the first building block determines the operating frequency range of the 
receiver. The LNA is required to cover all desired frequency bands; however, signals in all 
covered bands could enter the receiver, acting as in-band interferences and causing severe 
distortion. It is desirable that a LNA can provide a wide range of operating frequencies thus 
allowing multi-band and wideband operation as well as out-of-band filtering. This would 
enable SDR systems to smartly choose the operation mode of the LNA depending on the 
intended application and surrounding RF environment. 
Another challenging block that limits the operating frequency range of the receiver is 
the PLL, which typically consists of a phase detector, a loop filter, an oscillator, and a 
frequency divider. The output frequency range of a PLL is primarily determined by the 
tuning range of the oscillator. In order to support concurrent reception, the oscillator is 
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required to generate LO signals for all carriers. A straight forward solution is to use to an 
oscillator for each band, while a cost-effective solution is to use a single oscillator for all 
bands. 
Ideally, the LNA and the oscillator are able to cover any band either one at a time or 
simultaneously. A practical application would be limited to multiple single band and 
concurrent dual-band. This research investigates the two building blocks, LNA and VCO, in 
a multi-standard multi-band receiver that can be reconfigured to operate either in a single 
band mode or in concurrent-dual band mode.  
1.2  Review of Literature 
1.2.1 Multi-band low noise amplifier 
Several techniques exist for increasing the operating range of the LNA. The most 
straightforward approach is to use a wideband LNA capable of spanning all of the desired 
frequency bands [1, 3-5]. In addition to covering a wide range of frequencies, wideband 
LNAs also allow for the concurrent reception of multiple disparate frequencies. This is also 
the source of a primary drawback, however; out-of-band interferers are not filtered but are 
passed along with the desired signal. This places stringent linearity requirements on the LNA 
and subsequent RF stages [1, 3, 6, 7]. In an  effort to improve the linearity, [6] proposed the 
use of a current mode LNA thereby eliminating any  RF voltage gain. Blocker-elimination 
was achieved in [6] by implementing impedance-filtering at the LNA and mixer outputs to 
reduce the out-of-band voltage gain. These approaches relax the linearity requirements for 
the subsequent stages, but at the cost of requiring a relatively high out-of-band linearity for 
the LNA.  
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Traditionally, the linearity requirement of the RF front-end is relaxed by attenuating 
the out-of-band interferers via filtering at the input of the LNA. A narrow-band LNA with a 
tunable matching network was proposed in  [8] as an alternative to the wideband LNA. Not 
only are narrow-band, tunable LNAs limited to receiving a single frequency band, the tuning 
range tends to be too narrow for use in SDR systems. As a compromise between the relaxed 
linearity of the tunable narrow-band architecture and the ability to receive multiple frequency 
bands simultaneously, concurrent dual-band LNA architectures, capable of supporting two 
frequency bands simultaneously, were proposed in [9, 10].  Unfortunately, these systems still 
suffer from sever tradeoffs between the number of supported bands and the attenuation of 
out-of-band interferers. 
1.2.2 LC oscillator for multi-band applications 
LC Oscillator is well-known for its superior phase noise and is the most popular oscillator 
topology in modern RFICs [11]. In multi-band applications, wide-tuning range oscillators are 
desirable. Several techniques are proposed to extend the frequency range of oscillator. The 
oscillation frequency is traditionally tuned with a combination of varactors and switched 
capacitor banks. However, the tuning range is limited due to parasitic capacitance and the 
phase noise requirement [1].  Multi-tap inductors [12-14],  inductor- and transformer-based 
high-order resonant tanks [15-19], and magnetic tuning method [20] are proposed to expand 
the tuning range of a LC oscillator. Though the tuning range of the oscillators has been 
extended to several GHz with above techniques, only a single frequency can be generated at 
a time in those reported oscillators. 
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While there are so many works on the multi-band and wide-tuning range VCO, 
concurrent resonant oscillators have yet not drawn much attention and there is only few 
works reported [21-23]. In [21], a concurrent oscillator implemented in printed circuit board 
(PCB) was reported to generate two synchronous frequencies. Common-emitter oscillator 
topology was adopted, thus only single-end output was available. A total of four resonators 
were used to sustain the concurrent dual oscillation. In [22], an integrated circuit version of 
concurrent dual-frequency oscillator was realized in SiGe BiCMOS technology, generating 
two asynchronous frequencies simultaneously. Differential Hartley oscillator topology was 
used to offer differential outputs. Significant area was occupied by the five inductors that 
were used to form a high order resonator. Moreover, the oscillator was realized with the BJT 
transistors and is not able to be integrated into a CMOS chip. In [23], two coupled oscillators 
using a transformer was proposed to realize a concurrent and dual-band oscillator in CMOS 
technology. The transformer-based high order tank helped reducing the chip area to 0.4 x 
0.575 mm
2
. However, two current nodes and a voltage node need to be controlled. Besides, a 
special voltage range is needed for the voltage node to ensure concurrent dual oscillation.  
1.2.3 Application of transformers in LNA and VCO design 
Recently, transformers attract lots of attention in LNA and VCO design for its 
intrinsic characteristic of inductive feedback [4, 5, 19, 20, 24, 25] and the ability to form a 
high order resonator [15-18, 26, 27]. The adoption of transformers in the VCO design is a 
natural evaluation from the LC oscillator. Transformer was used for magnetically tuning in 
[19, 20, 25] to extend the tuning range and in [24] to realize differential tuning to achieve 
good common-mode noise rejection. Transformer was also used in [15-18] to realize a multi-
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mode VCO, where the transformer formed a high order tank. The mode switching was 
realized with reconfigurable capacitors connecting the two transformer windings [15, 16] and 
with switched transconductances [17, 18].  The tuning range is greatly extended with the help 
of mode switching besides the use of switched capacitor banks. Inspired from its ability of 
extending the tuning range of an oscillator, transformers are adopted in the wideband LNA 
design, where transformer is typically used to achieve wideband input matching. In [4, 5], the 
wideband input matching was achieve with gate-source and source-drain reactive feedback, 
respectively, which also helped to boost the gain and improve the noise figure. Wideband and 
dual band input matching were also reported using a transformer-based high order network in 
[10, 26].  
1.3  Dissertation Organization 
The dissertation is organized as follows. Chapter 2 begins with a review of inductor 
and transformer-based resonators. The resonant frequency, quality factor, and the frequency 
tuning methods of the transformer-based resonator will be discussed.  Chapter 3 introduces 
the design methods and the broadband model of multi-tap transformers that are validated 
using Agilent’s Advanced Design System (ADS) Momentum simulation and a fabricated 
switched multi-tap transformer. Chapter 4 presents a reconfigurable multi-mode LNA 
utilizing a multi-tap transformer capable of single-band, concurrent dual band, and wideband 
operation, which is verified with a prototype LNA. Chapter 5 demonstrates a triple-mode 
VCO capable of generating a single frequency signal in two different bands and a signal with 
two asynchronous tones simultaneously. Finally, Chapter 6 summarizes the research 
contributions and discusses the future work. 
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CHAPTER 2.  TRANSFORMER-BASED TUNABLE RESONATORS 
 
Inductors have been widely used in various RF circuits, such as LNAs, VCOs, etc., to 
obtain proper operation in the desired bands by resonating with the intended capacitors and 
unwanted parasitic capacitors. With the increasing demand to support more frequency bands, 
the number of inductors will significantly increase, resulting in larger chip area and higher 
cost. The operation of transformers, consisting of magnetically coupled inductors, is based on 
the mutual inductance between those coupled inductors [28]. Transformers not only carry all 
characteristics of inductors but also save area and bring new characteristics such as reactive 
feedback and DC isolation. Transformers can be a favorable area-saving option to replace 
multiple inductors in the LC resonators.  
The resonant frequency and quality factor are the key characteristics of a resonator. 
This chapter will focus on the resonant frequency and tuning method of a resonator, while its 
quality factor will be discussed in Chapter 3. In this chapter, Inductor-based resonators will 
be first reviewed in Section 2.1. Then, transformer-based resonators will be analyzed in the 
form of resonant frequency, quality factor, and tuning methods in Section 2.2. Finally, 
Section 2.3 will conclude and summarize this chapter. 
2.1  Inductor-Based Resonators 
A basic parallel and a basic series LC resonator are shown in Fig. 2.1. The parallel 
resonator consists of an inductor, Lp, and a capacitor, C. The resistor, Rp, represents the 
equivalent parallel parasitic resistor of the inductor, Lp. The series resonator consists of an 
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inductor, Ls, and a capacitor, C. The resistor, Rs, represents the equivalent series parasitic 
resistor of the inductor, Ls. In both resonators, the parasitic resistor of the capacitor is 
neglected as its quality factor is typically much larger than the quality factor of an inductor. 
The impedance of the two resonators can be expressed as 
    
   
              
 (2-1) 
           
 
  
 (2-2) 
The magnitude and phase of the parallel and series resonators are illustrated in Fig. 
2.2. It can be seen that the parallel resonator appears like an open circuit at its resonant 
frequency   , which is desirable for a tank in a VCO and at the output of a LNA, and the 
series resonator appears like a short circuit at its resonant frequency   , which is applicable 
to the input matching network of a LNA. The resonant frequencies are calculated as  
    
 
√   
 (2-3) 
    
 
√   
 (2-4) 
Lp CRp
Z
Ls
C
Rs
(b)
Z
(a)
 
Figure 2.1.  Schematic of (a) a parallel and (b) a series LC resonator. 
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respectively. The quality factor of the tank is primary determined by the quality factor of the 
inductors. At their resonant frequency, the quality factors are expressed as:  
    
  
    
 (2-5) 
    
    
  
 (2-6) 
,respectively. 
A combination of the parallel and series resonators, either in series or in parallel, can 
form a high order resonator, as shown in Fig. 2.3. The impedance of each combination can be 
calculated as 
    
   
               
 
   
               
 (2-7) 
ω 
|Za| Za
ωa 
 Rp
π/2 
π/2 
-π/2 
-π/2 
Rs
ω 
ω ω 
ωa 
0
0
ωb 
|Zb| Zb
ωb 
(a)
(b)
 
Figure 2.2.  Magnitude and phase of the impedance of (a) a parallel and (b) a series LC 
resonator. 
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The resonant frequencies of the two tanks are given as: 
    
 
√    
 (2-11) 
    
 
√    
 (2-12) 
Assuming      ,  the magnitude and phase of the impedance of the high order tanks in 
Fig. 2.3 are illustrated in Fig. 2.4. It is seen that there are two poles and one zero in    and 
  , while there are one pole and two zeros in    and   . Assuming the quality factor of the 
inductors is high, the two poles in    and the two zeros in    approximately equal to the 
resonant frequencies of the two tanks,    and    ,  respectively. The zero in     and the pole 
in    is approximated as  
        √
     
    
      
  (2-13) 
The two zeros in    and the two pole in    are approximately given as 
    
√  
    
    
  √(  
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 (2-15) 
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where      √     or      √    . The pole in     and the zero in    locates at    
and   , respectively. The above analysis implies that dual-band operation is possible for a 
LNA and a VCO with the tanks illustrated in Fig. 2.3. The configuration in Fig. 2.3 (a) and 
(d) may be applied as the tank of a dual-band or wide tuning range VCO [22, 29, 30] and the 
configuration in Fig. 2.3 (b) and (c) may be applied to the input matching network of a dual-
band or wideband LNA [9].  
L1 C1R1
L2 C2R2
L1 C1R1
L2
C2
R2
L2
C2
R2
L1 C1R1
(a) (b)
L2
C2
R2
L1
C1
R1
(d) (d)  
Figure 2.3.  Schematic of a series combination of (a) two parallel and (b) a parallel and a 
series resonators, and a parallel combination of (c) two series and (d) a parallel and a series 
resonators. 
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0
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ω 
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π/2 
-π/2 
0
Zc
|Zc|
ω1 ω2
ω1 ω2
ω 
ω 
π/2 
0
Zd
|Zd|
ωL
ω2
ωH
ω1
ωL ωHωz
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(a) (b)
(c) (d)
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Figure 2.4.  Magnitude and phase of the impedance of a series combination of (a) two 
parallel and (b) a parallel and a series resonators, and a parallel combination of (c) two 
series and (d) a parallel and a series resonators. 
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2.2  Transformer-Based Resonators 
A transformer, consisting of coupled inductors, may be used to replace the inductor in 
a LC resonator in the design of LNAs [4, 10, 26, 31, 32], band-pass filters [33, 34], and 
VCOs [15-20, 23, 25, 35]. The transformer-based resonators can be easily tuned and be 
configured to a high order resonator because of the magnetically coupling among the 
inductors, which is normally characterized using mutual inductance, M, or coupling 
coefficient, k. 
2.2.1  Resonant frequency 
The schematic of a parallel and a series transformer-based second order resonator, 
consisting of a primary inductor L1, a secondary inductor, L2, and a capacitor, C1, are shown 
in Fig. 2.5. The coupling coefficient between L1 and L2 is denoted as k. The primary inductor 
and the capacitor form a second order LC resonator the same as the LC resonator, shown in 
Fig. 2.1, and the magnitude and phase of the impedance is also similar as shown in Fig. 2.2. 
A key characteristic of the transformer-based resonator is that the inductance of the primary 
k
Z
(b)(a)
L1 L2C1
Z
k
L2L1
C1
Tuning 
circuitry
Tuning 
circuitry
i1 i2
i1 i2
 
Figure 2.5.  Schematic of (a) a parallel and (b) a series transformer-based LC resonator. 
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inductor can be tuned by the current flowing in the secondary inductor, i2, which is 
determined by the tuning circuitry, such as a switch, an AC current source, etc.. The 
impedance of the parallel and series resonator is express as 
    
   
 
    
    
 (2-16) 
       
  
 
  
 (2-17) 
where   
  is the effective inductance of the primary inductor, and   
       (
  
  
)  √    . 
The resonant frequency is calculated as: 
   
  
 
√  
   
 (2-18) 
When the secondary is shorted by a switch,   
    (   
 ). The resonant frequency is 
shifted from    to a higher frequency,    √    . As an example, the amplitude and phase 
of the impedance of the parallel resonator Fig. 2.5 (a) are compared when a switch is turned 
on and off, and are plotted in Fig. 2.6.  A plot of the resonant frequency as a function of k is 
shown in Fig. 2.7, assuming the self-resonant frequency of the tank is 3 GHz.  
When    is controlled by an AC current source,   
  will be also determined by the 
relative amplitude and phase between    and    for a given transformer. A plot of the resonant 
frequency over the relative phase between    and    at different current amplitude ratios is 
illustrated in Fig. 2.8. The resonant frequency increases as the relative phase increases. The 
frequency also increases as the current amplitude ratio increases when the relative phase is 
larger than 90 degree, but the frequency deceases as the current amplitude ratio increases 
when the relative phase within 90 degree. The frequency reaches minimum frequency when 
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|Z|
Z
π/2 
-π/2 
0
ω 
ω 
ω1 ω1/√(1-k
2
)
 
Figure 2.6.  Magnitude and phase of the impedance of the resonator in Fig. 2.5 (a) with a 
switch as the tuning circuitry. 
 
Figure 2.7.  Resonant frequency vs. coupling coefficient, assuming the self-resonant 
frequency of tank is 3 GHz. 
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the currents are in phase and reaches maximum frequency when the current are out-of phase. 
It is worth to mention that when    and    are not in-phase and out-of phase, extra loss is 
added to the primary inductor.  
Transformer can also replace the inductor to form a high order resonator. The 
schematic of a parallel and a series transformer-based high order resonator, consisting of a 
primary inductor L1, a secondary inductor, L2, two capacitors, C1 and C2, are shown in Fig. 
2.9. The coupling coefficient between L1 and L2 is k. The self-resonant frequency of the 
primary and secondary tank are      √     and      √    , respectively. The 
impedance of the parallel and series resonator is express as 
     
   (   
     (   
 ))
      (        (    ))         
 (2-19) 
 
Figure 2.8.  Resonant frequency vs. the current phase difference, assuming the self-
resonant frequency of tank is 3 GHz. 
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 (2-20) 
The magnitude and phase of the impedance of the resonators shown in Fig. 2.9 are 
illustrated in Fig. 2.10, showing that there are two frequencies at which the impedance of the 
parallel resonant tank is maximized and the impedance of the series tank is minimized. The 
two frequencies correspond to the resonant frequency of the two high order tanks and can be 
expressed as: 
    
√  
    
  √(  
    
 )
 
      
   
 
 (    )
 (2-21) 
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 (    )
 (2-22) 
The resonant frequencies depend on the self-resonant frequencies of the two tanks,    and 
  , and the coupling coefficient, k. For a given set of    and   ,    and    separate more 
when k increases, as shown in Fig. 2.11. For a fixed k, a contour plot of the    and   with 
respective to    and    (assuming      ) is shown in Fig. 2.12. It clearly shows that the 
            and the resonant frequencies increases as    and    become larger.  
k
Z
(b)(a)
L1 L2C1
Z
k
L2L1
C1
C2
C2
 
Figure 2.9.  Schematic of (a) a parallel and (b) a series transformer-based high order 
resonator. 
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Figure 2.10.  Magnitude and phase of the impedance of (a) a parallel and (b) a series 
transformer-based high order resonator, shown in Fig. 2.9. 
 
 
Figure 2.11.  Resonant frequency vs. coupling coefficient, k, for ωL=2π*3 GHz and ωH=2π*5 
GHz. 
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(a)
(b)
 
Figure 2.12.  Contour plot showing how (a) ωL and (b) ωH changes as a function of ω1 and ω2 
for a coupling coefficient, k=0.5. 
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2.2.2  Tuning methods 
As discussed in Section 2.2.1, the resonant frequency of a transformer-based 
resonator is determined by the self-resonant frequency of the primary and secondary tank, the 
coupling coefficient, the termination of the secondary inductor, etc.. Thus, the resonant 
frequency may be tuned by changing any of the related factors. Based on whether the 
frequency tuning requires additional current consumption, the tuning methods may be 
divided into two groups: passive tuning and active tuning. 
Passive tuning is the most popular frequency tuning method of a resonator as it does 
not consume extra current. It may be realized through tuning the capacitance, switching the 
active cores connected to the resonator, terminating the secondary switch a switch, adopting 
a multi-tap and a multi-coupled transformer, etc.. Traditionally, the passive tuning is primary 
referred to capacitive tuning using a varactor and switched capacitor banks [15-18, 25, 35, 
36] because the degradation of the resonator’s quality factor is minimized under the fact that 
the quality factor of a capacitor is typically much larger than an inductor. Besides the 
capacitive tuning, the frequency tuning in the design of VCOs may be achieved by 
reconfiguring the negative transdoncutance connected to a transformer-based resonator [16-
18]. A switch termination in the secondary inductor is used for resonant frequency switching 
when the circuit is not sensitive to the quality factor degradation, such as a very frequency 
tank where the quality factor of the capacitor is comparable or worse than that of the inductor 
[19], an input matching network where a low quality factor of the tank is acceptable [32], 
etc.. The inductance and the coupling coefficient may also be controlled by adopting a multi-
tap transformer [37] and a transformer with more than three coupled inductors [19].  
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The frequency tuning can also be realized with active tuning by consuming extra 
current in the secondary inductor, as shown in Fig. 2.5, where the control circuitry is a 
controlled current source. The controlled current may be a feedback current controlled by the 
output of an amplifier[31], a feedback current triggered by the quadrature output in a 
Quadrature VCO [20], a feedback current self-controlled by the transformer [33, 34], etc.. 
2.3  Summary 
Inductor- and transformer-based LC resonators in the form of second order and high 
order configurations are investigated regarding their tank impedance and resonator 
frequencies. In the transformer-based resonators, the effector of different terminations of the 
secondary inductor, the coupling coefficient, k, and the self-resonant frequencies of the 
primary and secondary tanks, are also analyzed. Based on the analysis of the resonant 
frequencies, the frequency tuning methods, both passive and active tuning, are summarized. 
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CHAPTER 3.  DESIGN AND CHARACTERIZATION OF MULTI-TAP 
TRANSFORMERS 
 
Multi-band radio architectures are an attractive solution for multi-standard 
communication. In a multi-band radio, on-chip inductors and transformers are widely used in 
various key blocks, such as the low noise amplifier, voltage-controlled oscillators (VCO), 
etc., to obtain proper operation in each of the desired bands. Inductors and transformers are, 
however, the most area consuming devices due to the fact that passives do not scale with 
technology. With the increasing demand to support more frequency bands, the number of 
inductors and transformers will significantly increase, resulting in larger chip area and higher 
cost. To save area and reduce cost, while retaining the necessary functionality, multi-port 
inductors have been adopted by some designers for use in switchable band-selective loads 
[38], LC ladders for distributed amplifiers [39], and dual-resonant tanks in voltage-controlled 
oscillators [13, 14]. Recently, multi-tap transformers have also been proposed as a shared 
input and output balun [40] and for reconfigurable multi-mode input matching [41]. 
A primary challenge in utilizing multi-port inductors and multi-tap transformers in 
RFIC design is the lack of well-designed and characterized devices. Though there have been 
many papers focusing on the design, modeling, and characterization of conventional 
integrated inductors and transformers [42-45], there have been relatively few papers focusing 
on the modeling and characterization of multi-port inductors [13, 14, 39], and virtually no 
work has been published that addresses the characterization and modeling of multi-tap 
transformers. 
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In this chapter, the design and characterization of multi-tap transformers will be 
investigated.  Section 3.1 first reviews the basics of transformers. Then, a new design method 
for quickly evaluating many different transformer designs is presented along with a 
broadband lumped-element model in Section 3.2. Two 3:3 multi-tap transformers are 
designed and characterized to verify the design method and the model. A switched multi-tap 
transformer will be analyzed regarding the switch loss in Section 3.3. Its effect on the 
resonance frequency and quality factor (Q) of LC resonators with the switched multi-tap 
transformer will be discussed with simulated and measured results. Finally, Section 3.4 will 
summarize this chapter. 
3.1  Transformer Basics 
The conventional transformer is a four terminal device, consisting of two 
magnetically coupled inductors, which are typically called primary and secondary inductor or 
coil, respectively. The transformer provides voltage, current, and impedance transformation 
between primary and secondary inductor through magnetically coupling while offering 
complete DC isolation between them. There are three configurations for integrated 
transformers: concentric, interleaved, and stacked, shown in Fig. 3.1. In a concentric 
transformer configuration (Fig. 3.1(a)), the magnetic coupling is relatively weak because the 
common periphery between the primary and secondary windings is limited to a single turn. 
The interleaved and stacked configuration (Fig. 3.1(b) and (c)), on the other hand, experience 
coupling between each turn of the primary and secondary windings and hence have a strong 
coupling interaction. The stacked configuration is very area efficient because of the 
overlapping of primary and secondary coil. Its area is only the same as a single inductor.. 
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However, the stacked transformer needs to be implemented using lower metal layers for the 
secondary coil, thus low quality factor is expected for its secondary coil and its self-resonant 
frequency is also reduced due to larger parasitic capacitance to the substrate. Comparing to 
the stacked structure, both primary and secondary coil of the concentric and interleaved 
transformer can be designed using the top metal, thus good quality factor as well as high self-
resonant frequency can be achieved. But, both the concentric and interleaved transformer 
occupy larger area when the primary and secondary coils are implemented using a same 
metal layer. The tradeoff among the coupling coefficient, quality factor, self-resonant 
frequency, area, etc. must be considered when designing a transformer. The tradeoffs for the 
three structures are summarized in Table 3.1. These tradeoffs also apply to the multi-tap 
transformers that will be discussed later in this chapter.  
  
 
 
(a) (b) (c)  
Figure 3.1.  Integrated spiral transformer (a) concentric, (b) interleaved, and (c) stacked  
 
 
Table  3.1.  Comparison of transformer structures 
Structure 
Qualify 
factor 
Self-resonant 
frequency 
Area 
efficiency 
Coupling 
factor k 
Concentric + + ─ Small 
Interleaved + + ─ Large 
Stacked ─ + + Large 
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3.2  Multi-Tap Transformer 
3.2.1  Design method 
Grover partial inductance calculations [46] were adopted in [45] to allow for the rapid 
evaluation of many different conventional integrated transformer designs. A similar tool is 
presented herein for the rapid evaluation of different physical designs for multi-tap 
transformers. Two different 3:3 symmetric multi-tap transformers are used as design 
examples. The structures of Fig. 3.2(a) and Fig. 3.2(b) can be broken down into half-
windings, as shown in Fig. 3.3(a) and Fig. 3.3(b), respectively. Half-windings 1-6 belong to 
the primary, 7-10 are the middle section of the secondary, and 11 and 12 are the head and tail 
section of the secondary, respectively. Each half-winding is further divided into five sub-
segments as shown in Fig. 3.3(c).   
The partial self-indutance of a sub-segment and the parital mutual indutance between 
 
(b)(a)
1 3 6 2 3 1 2 6
4    5 4       5
 
Figure 3.2. Symmetric 6-terminal multi-tap transformer (a) concentric and (b) interleaved 
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two sub-segments can be calculated by applying the equations developed in [45, 46]. With 
the calculated partial inductances of the sub-segments, the partial self-inductance of a half-
winding and the partial mutual inductance between half-windings can be obtained. These 
inductances can be further summed to calcualte the self-inductances of the primary and 
secondary winding of the transformer and the mutual-inductances between them. The self-
inductances of the 3:3 symmetric multi-tap transformer are calculated as : 
    ∑ (  
 
     ∑     
 
     ) (3-1) 
             (3-2) 
     ∑ (  
  
     ∑     
  
     ) (3-3) 
where Lp is the total inductance of the primary, Ls1 is the total inductance of the head (and 
tail) section of the secondary, Ls2 is the total inductance of the middle section of the 
secondary,    is the partial self-inductance of the j
th
 half-winding, and      is the partial 
 
1 23 479 1085 612
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1 23 479 1085 6 12
1
2
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Figure 3.3. Multi-tap transformer segmentation (a) concentric half-winding, (b) interleaved 
half-winding, and (c) sub-segments of a half-winding 
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mutual-inductance between the j
th
 and k
th
 half-windings. The total mutual-inductances of the 
example transformer are found by: 
       ∑      
 
    ∑      
 
    (3-4) 
       ∑ ∑     
  
   
 
    (3-5) 
               (3-6) 
        ∑       ∑      
  
   
  
    (3-7) 
where Mp,s1 and Mp,s2 are the mutual inductance between inductors Lp and Ls1 and inductors 
Lp and Ls2, respectively; Ms1,s1 is the mutual inductance between the head (Ls1) and tail (Ls1) 
inductors of the secondary; and Ms1,s2 is the mutual inductance between the head/tail and the 
center section of the secondary (i.e., Ls1 and Ls2). 
The total inductance of the secondary winding, Ls, and mutual inductance between the 
primary and secondary, Mp,s, can also be calculated by: 
    ∑ (  
  
     ∑     
  
     ) (3-8) 
      ∑ ∑      
  
   
 
    (3-9) 
Once all of the self- and mutual-inductances have been calculated, the various coupling 
coefficients can be obtained using the relationship: 
      
 
√    
  (3-10) 
Using (3-1)-(3-10), the designer is able to quickly and efficiently evaluate different 
physical realizations of the multi-tap transformer and estimate the resulting winding 
inductances and coupling coefficients. This greatly speeds up the design cycle by reducing 
the number of iterations between layout and Momentum simulations.. 
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3.2.2  Modeling 
A broadband, lumped-element model is often required in order to perform circuit-
level simulations in both the time and frequency domain. A compact, lumped-element model 
of the proposed multi-tap transformer is shown in Fig. 3.4. It is based on previously proposed 
inductor and balun models [42, 44] and consists of a π-network modeling the primary 
inductor, and three series π-networks modeling the secondary inductor. The magnetic 
coupling between each section is accounted for by the inclusion of coupling coefficient kp,s1, 
Csub1 Rsub1
Rsub2
Cox1
Cp
Lp Rp
Csub2
Ls1 Rs1
Cs1
Ls2 Rs2
Cs2
Ls1
Cs1
Cox3Cox2 Cox2Cox3
Csub3 Rsub3
① ②
④ ⑤ ⑥③
 
Rs1
Ls1/X Rs1*Y Ls2/X Rs2*Y Ls1/X Rs1*Y
Lp/X Rp*Y
Cs
Coupling 
factor
Inductors
kp,s1 Lp-Ls1
kp,s2 Lp-Ls2
ks1,s1 Ls1-Ls1
ks1,s2 Ls1-Ls2
Coupling 
capacitor
Nodes
Cc1 1-3, 2-6
Cc2 1-6, 2-3
Cc3 1-4, 2-5
Cc4 1-5, 2-4
 
Figure 3.4.  Symmetric multi-tap transformer model 
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kp,s2, ks1,s1, and ks1,s2, and capacitive coupling between each terminal is modeled by coupling 
capacitors Cc1, Cc2, Cc3, and Cc4. The skin effect is modeled by a R-L ladder in parallel with 
the series resistor RS. The R-L ladder models the metal surface layer [42] and the inductance 
and resistance in the ladder are scaled by a factor of 1/X and Y, respectively, which are 
empirically fit using optimization tools. 
3.2.3  Simulation results 
Two 3:3 transformers (one concentric and one interleaved structure) were designed in 
an 8-metal 0.13µm CMOS RF process using the methods described in Section 3.2.1. The 
targeted inductances of the multi-tap concentric transformer are Lp = 2 nH, Ls1 = 0.4 nH, and 
Ls2 = 1.7 nH; and the targeted coupling coefficients are kp,s1 = 0.22 and kp,s2 = 0.45. Using (3-
1)-( 3-10), it is found that an outer diameter of 270 µm, a metal width of 8.5 µm, and a metal 
spacing of 5 µm will result in the desired values for inductance and coupling coefficient. The 
resulting layout is shown in Fig. 3.2(a). The interleaved multi-tap transformer, shown in Fig. 
3.2(b), was also designed with the same physical parameters for comparison. The calculated 
inductances are Lp = 2.2 nH, Ls1 = 0. 4 nH, and Ls2 = 1.23 nH. The coupling coefficients are  
kp,s1 = 0.3 and kp,s2 = 0.59. 
The designed symmetric multi-tap transformers were characterized from DC to 10 
GHz with Agilent’s ADS Momentum simulator. The required inductances, coupling 
coefficients, and Q-factors were extracted from the 6-port S-parameters. 
Fig. 3.5 illustrates the setup that was used to extract the self-inductance and mutual 
inductance of the multi-tap transformer. The terminal numbering matches that shown in Fig. 
3.2 and Fig. 3.4. The self-inductance is extracted with the simulation setup depicted in Fig. 
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3.5(a), in which terminal 1 is connected to a 50 Ω port and terminal 2 is shorted to ground 
while leaving all other terminals floating. From the one-port S-parameter simulation, the self-
inductance, L, is given by:  
   
  (   )
   
. (3-11) 
The mutual inductance, M, between two sections is extracted with the 2-port S-
parameter simulation setup depicted in Fig. 3.5(b), and is given by:  
   
  (   )
   
  (3-12) 
The two multi-tap transformers are characterized in three different configurations: 6-
terminal, 5-terminal, and 4-terminal. This demonstrates the intrinsic re-configurability of a 
multi-tap transformer; i.e., a 6-terminal multi-tap transformer can also operate as a 
conventional 4-terminal or 5-terminal transformer. Table 3.1 details the resulting self-
inductances and coupling coefficients that are extracted at 2.4 GHz with S-parameters 
obtained from Agilent’s ADS Momentum simulation of the layout.  
The simulated primary inductances for concentric and interleaved transformers are 
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Figure 3.5.  Extraction setup for (a) self-inductance and (b) mutual inductance 
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1.676 nH and 1.933 nH, respectively, and are the same for all test configurations. As 
expected, the inductances of the secondary and coupling coefficients depend upon the test 
configuration (i.e., 6-port, 5-port, or 4-port) demonstrating the potential for using multi-tap 
transformers in reconfigurable applications. The simulation results show that the multi-tap 
interleaved transformer exhibits a larger coupling coefficient than the concentric transformer, 
which is expected from analysis of traditional 4-port concentric and interleaved transformers. 
Compared to the initial calculated results, it can be seen in Table 3.2 that the results 
of the calculations presented in Section 3.2.1 closely estimate the inductances and coupling 
coefficients of the different multi-tap transformers. The simulated inductances are only about 
10-20% less than the theoretical values, which is partially due to simplification of the cross-
Table  3.2.  Calculated and extracted parameters of 3:3 multi-tap transformers 
Type Parameter 
Concentric  Interleaved 
Theory Sim. Theory Sim. 
All Lp (nH) 2 1.676  2.2 1.933 
6-
terminal 
Ls1 (nH) 0.4 0.315 0.4 0.317 
Ls2 (nH) 1.7  1.578 1.23 1.103 
kp,s1 0.22 0.219 0.3 0.373 
kp,s2 0.45 0.468  0.59 0.821 
5-
terminal 
Ls1 (nH) ─  0.315 ─ 0.317 
Ls1s2 (nH) ─ 2.483 ─ 1.767  
kp,s1 ─ 0.219 ─ 0.373 
kp,s1s2 ─ 0.466 ─ 0.801 
4-
terminal 
Ls (nH) 3.5  3.314 2.65 2.327 
kp,s 0.47  0.474 0.63 0.84 
 
 
 34 
 
over sections with straight lines in the theoretical calculation. The theoretical calculation is 
good enough for the initial design of a transformer. Using the design equations above can 
greatly cut down on the number of iterations required to design a multi-tap transformer 
regardless of winding style (i.e., concentric, interleaved , etc.). 
Quality factor is an important characteristic of inductors and inductor-like devices. 
The quality factor of the primary, the secondary, and each section of the secondary is 
examined separately using the single-port configuration shown in Fig. 3.5(a). The single-port 
quality factor is defined as:  
   
  (   )
  (   )
. (3-13) 
The extracted quality factors for the concentric and interleaved multi-tap transformers 
are shown in Fig. 3.6(a) and (b), respectively. The maximum quality factor for each 
transformer is in the range of 10~15 and is achieved in the frequency range of 2 GHz ~ 5 
GHz. Both the maximum quality factor and frequency range are comparable with typical 
values achieved for conventional on-chip inductors and transformers.  
The self- and mutual- inductances of the 3:3 multi-tap concentric transformer, that are 
extracted from simulation, are compared with the developed model in Fig. 3.7, which 
demonstrates that the broadband model is accurate in the simulated frequency range of DC to 
10 GHz. Thus, it can be used in designs targeting most of the current popular wireless 
applications.  
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Figure 3.6.  Quality factor of primary, secondary and its sub-sections of the designed multi-
tap transformer (a) concentric (b) interleaved 
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Figure 3.7.  Simulation results of Momentum and the lumped-element model versus 
frequency for (a) self-inductance of the primary and each section of the secondary (b) 
mutual inductance between the primary and each section of secondary (c) mutual inductance 
between each section of the secondary. 
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3.3  Characterization of a Switched Multi-Tap Transformer 
Recently, switched inductors and transformers were adopted in the LC  tank of a 
VCO to extend its tuning range [13, 19, 47], in the switched output load of a wideband LNA 
to extend the number of covered bands [38], and in the switched input matching network of a 
multi-mode LNA to cover a wide frequency range and support single-band, concurrent dual 
band and wideband operation [32, 48]. The switched asymmetric multi-tap transformer in 
[32, 48] achieves various inductances with a flexible control of the termination in the 
secondary with several switches, resulting different secondary inductance and coupling 
confidence between the primary and the secondary winding. The non-ideality of the switches, 
such as the switch loss, parasitic capacitance, etc., directly affects the property of the 
switched multi-tap transformer. 
3.3.1  Analysis of the switch loss in a switched multi-tap transformer 
The schematic of a switched multi-tap transformer, including a 5-port multi-tap 
transformer, three switches, a capacitor (C2), and a resistor, is shown in Fig. 3.8. The multi-
tap transformer consists of a primary inductor, L1, and a secondary inductor, L2, that is 
divided into two sections, L2a, and L2b. the coupling coefficient between the primary and each 
section of the secondary is denoted as k2a, and k2b, respectively. The secondary is segmented 
such that L2a< L2b and  k2a < k2b. The transistors, M1, M2, and M3, controlled by the voltage, 
VM1, VM2, and VM3, respectively, are the switches that configure the multi-tap transformer into 
a tunable inductor. When all transistors are turned off, it appears as the primary inductor. 
When the switches are turned on, either part of the secondary turn is shorted or part of the 
secondary is terminated with a capacitor. To investigate the effect of the resistances of the 
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switches, the analysis method of a conventional transformer [19, 33, 34] is extended to the 
asymmetric multi-tap transformer. By assuming the rest of the switches are compeletely 
turned off when a switch is turned on, the analysis can be simplified to two categories: short 
terminated and capacitive terminated transformer, as shown in Fig. 3.9, where the 
transformer is modeled with two coupled inductors,    and   , with series resistance of    
and   . The coupling coefficient is  .     is the resistance of the switch. The parasitic 
capacitance thus the effect of the self-resonant frequency is neglected to simplify the 
analysis.  
By analyzing the simplified model in Fig. 3.9, the equivalent impedance of the 
transformer network is derived as 
      (      
 )      (    
 ) (3-14) 
VM1 VM2
VM3
L1
ka
L2a L2b
RB
kb
M1 M2
M3
C2
 
Figure 3.8.  Schematic of a switched multi-tap transformer.  
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where   ,   , and   is the parasitic resistance, the quality factor, and inductance of the 
primary winding, respectively,   is the coupling coefficient of the transformer,   and   are 
the reflected coefficient determined the secondary winding. When the secondary is directly 
terminated with a switch, as in Fig. 3.9(a),   and   are defined as: 
   
  (  
   
  
)
  
  (  
   
  
)
  (3-15) 
   
  
 
  
  (  
   
  
)
  (3-16) 
where    and    is the parasitic resistance and the quality facto of the secondary winding. 
From (3-14)-(3-16), it is seen that the inductance and series resistance of the resistive-
terminated multi-tap transformer varies as the resistance of the switch changes. When the 
switch is completely turned-off, the inductance is approximately maximized to    and the 
series resistance is minimized to   . As the switch is gradually turned-on, the resistance of 
the switch becomes smaller and the inductance is reduced correspondingly, while the series 
k
L1 L2
R1 R2
RSW
k
L1 L2
R1 R2
RSW
C2
(a) (b)
ZL ZL
 
Figure 3.9.  Simplified model for the analysis of the multi-tap transformer where the 
secondary is terminated using either (a) a short-circuit or (b) a capacitor.  
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resistance first increases and is maximized when       (    ), as the switch resistance 
becomes smaller further, the series resistance reduces. When the switch is completely turned-
on with zero ON-resistance, the inductance is approximately minimized to   (  
  
 
  
   
  )  
and the series resistance is reduced to   (  
  
 
  
   
   
 ). A high coupling coefficient 
results in large tuning range, but induced large series resistance thus degrade the quality 
factor of the switched multi-tap transformer.  
When the secondary is terminated by a capacitor with a switch, as in Fig. 3.9 (b),   
and   are defined as:  
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 (3-18) 
where    
 
√    
 is the resonant frequency of the secondary.  From (3-14), (3-17) and (3-
18), it is seen that the inductance and series resistance of the capacitive-terminated multi-tap 
transformer strongly depend on the operation frequency besides the resistance of the switch. 
The inductance is approximately maximized to    and the series resistance is minimized to 
   when the switch is completely turned-off.  As     reduces while       (  
    
 √    
 
 ), the switched transformer appears as an inductor across the frequency. When     
  (  
    
 √    
  ), the capacitive-terminated multi-tap transformer first appears as an 
inductor when      and     , and appears as a capacitor when        , where 
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)
 
(    ) 
 (    )
  . As     becomes even smaller,    and    
spreads larger. It is interesting to notice that the equivalent inductance is    regardless of the 
value of    , while the inductance changes rapidly with frequency in the frequency range 
close to   , which should be avoided, due to the resonance of the secondary.  For a given 
frequency that is not close to   , the series resistance of the capacitive-terminated 
transformer is minimized when the switch is completely turned-off, is  increased as the 
switch resistance decreases and is maximized when       (  ((
 
  
)
 
  )   ), and is 
reduced as the switch resistance decrease further. When the switch is completely turned-on 
with zero ON-resistance, the series resistance and the inductance is reduced to    and   , 
respectively, when     , while the series resistance and the inductance is reduced to    
and   (   
 ), respectively, when     . 
3.3.2  Experimental results 
To verify the analysis, a switched multi-tap transformer was designed and fabricated 
in 0.13 µm CMOS. The die photo is shown in Fig. 3.10. The two-port S-parameters of the 
switched multi-tap transformer were measured through wafer-probing.  
3.3.2.1  Switched multi-tap transformer 
The 5-port multi-tap transformer was designed in top-most metal with an outer 
diameter of 300 µm, a metal width of 4.3 µm, and a metal-to-metal spacing of 5 µm. To 
enable both frequency and time domain simulation, a broadband lumped element model, 
consisting of three π-networks, was developed similarly as in [37]. The two-port S-
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parameters of the switched multi-tap transformer were simulated and measured with different 
control voltages. Its equivalent impedance is extracted with the corresponding Z-parameter 
as: 
                    (3-19) 
The equivalent inductance and quality factor were calculated as 
   
    (  )
 
 (3-20) 
   
    (  )
    (  )
 (3-21) 
The extracted inductance and Q of the switched multi-tap transformer with two-port 
S-parameter obtained from post-layout simulation and the measurement are shown in Fig. 
3.11. It is seen that the measured results reasonably match the post-layout simulation results, 
but the curves of measured results are slightly shifted to lower frequencies comparing to the 
simulated ones, which are partially due to the lowered self-resonant frequency because of the 
parasitic inductance and capacitance of the connection metals, resulting in higher inductance. 
640 µm
7
0
0
 µ
m
300 µm
 
Figure 3.10.  Die photo of the switched multi-tap transformer. 
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The measured Q is significantly lower than the simulated one when the Q is relative high 
since it is more sensitive to the added contact resistance during the measurement. When all 
switches are tuned off, the switched multi-tap transformer exhibits a simulated and measured 
peak quality factor of 11.6 and 6.3, respectively, at around 2.5 GHz. The corresponding 
equivalent inductance of 7.5 nH and 8 nH, respectively. As the switch is turned on, both the 
inductance and Q are reduced, but Q is reduced more dramatically that is partially due the 
reduced inductance and increased series resistance due to reflected resistance from the 
secondary. When only M1 is turned-on with VM1= 1.2 V, the simulated and measured 
inductance was reduced to 4.1 nH and 6.1 nH, and Q was degraded to 2.7 and 2.9 at 2.5 GHz. 
When M2 is tuned on, both inductance and Q are reduced further to 2.4 nH and 3.2 nH, 1.9 
and 2, respectively, at 2.5 GHz because of a larger effective coupling coefficient between the 
primary and the secondary. When M3 is turned on, the capacitor C2 is connected to the circuit 
and the network appears as an inductor at frequency below 2.5 GHz and above 5 GHz while 
(a) (b)
VM1=1.2V
VM2=1.2V
VM3=1.2V
VM1,2,3=0
VM1=1.2V
VM2=1.2V
VM3=1.2V
VM1,2,3=0
 
Figure 3.11.  (a) Equivalent inductance and (b) quality factor of the switched multi-tap 
transformer (solid line: post-layout simulation, dashed line: measured). 
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below the self-resonant frequency of 9 GHz. The simulated and measured peak quality factor 
is 7.6 and 4, respectively, at 1.5 GHz in the low band, 1.7 and 1.9, respectively at 6.5 GHz in 
the high band. The corresponding inductance is 6.9 nH and 8 nH, respectively, at 1.5 GHz in 
the low band, 1.8 nH and 3.1 nH, respectively, at 6.5 GHz in the high band. 
It is interesting to notice that the self-resonant frequency increases from 4.2 GHz to 9 
GHz as the equivalent inductance is reduced. It is also observed that the self-resonance of the 
switched multi-tap transformer is closely predicted in the post-layout simulation, implying 
that the effect of parasitic capacitance of the switches can be captured in the simulation.  
3.3.2.2  Tunable LC resonators using a switched multi-tap transformer 
This type of tunable inductor will most likely be used as the tunable element in an 
LC-resonator. It is therefore important to evaluate the effect of the switch resistance in this 
case. In this Section, a series resonator is constructed by connecting the multi-tap transformer 
in series with an ideal 1 pF capacitor, C1, as shown in Fig. 3.12. The quality factor of the 
resonator is defined as: 
   
  
  
 (3-22) 
where    is the resonant frequency and    is the bandwidth.  
ZL C1 ZL
C1
(a) (b)
 
Figure 3.12.  (a) Series and (b) parallel resonator with the switched multi-tap transformer as 
a tunable inductor (ZL). 
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The resonant frequency and quality factor of the resonators are simulated with the 
post-layout schematic and the measured two-port S-parameters of the switched multi-tap 
transformer under different gate control voltages varying from 0 to 1.2 V, which emulates by 
different level of switch resistance. When the control voltage increases, the switch resistance 
decreases. The plots of the resonant frequency and the quality factor of the series resonator 
when VM1 and VM2 vary from 0 to 1.2 V, respectively, are shown in Fig. 3.13 (a) and (b). As 
VM1 increases from 0 to 1.2 V, the resonant frequency is increased from 1.92 to 2.22 GHz 
due to the reduced inductance, while the Q of the resonator is reduced from 6.65 to 3.05 due 
to the reduced Q of the switched transformer, which dominates the quality factor of 
resonator. As VM2 increases to 1.2 V, the resonant frequency is increased to 2.81 GHz due to 
the more reduced inductance because of a higher coupling coefficient, while the Q of the 
resonator is reduced to 2.12 due to the further reduced Q of the switched transformer because 
of a higher coupling coefficient as well. In both cases, it is seen that the resonance frequency 
gradually increases as the control voltage increases, while the quality factor first decreases, 
(a) (b)
VM2
VM1
VM1
VM2
 
Figure 3.13.  (a) Resonant frequency and (b) quality factor of the series resonator with 
variable control voltage of VM1 and VM2 when C1= 1 pF. 
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reaches minimum at control voltage of around 0.5 ~ 0.6 V, and then increases. It is implied 
that the resonator may be continuously tuned by the control voltage. However, a high off-
resistance and a low on-resistance of the switches are desirable to achieve the best quality 
factor of a tunable resonator. The switches should operate either in completely on or off state. 
Fig. 3.14 shows the resonant frequencies and quality factors of the series resonator 
when VM2 increases from 0 to 1.2V. As the control voltage is smaller than 0.4 V, only single 
resonance occurs, and both the resonant frequency and quality factor decreases. As the 
control voltage increases above 0.4 V, dual resonance occurs. The resonant frequencies in 
both low band and high band decrease, while the quality factors in both bands increase. 
When VM3 reaches 1.2 V, it achieves resonance at frequencies of 1.68 GHz and 4.31 GHz 
concurrently with quality factor of 6.6 and 2.88, respectively. 
In Fig. 3.13 and Fig. 3.14, it is seen that the resonant frequency of the resonator with 
measured S-parameters is lower than that with the post-layout schematic, which are due to 
the higher equivalent inductance as seen in Fig. 3.11. The quality factors of the resonator are 
High band
Low band
Low band
High band
 
Figure 3.14.  (a) Resonant frequency (b) quality factor of the series resonator with variable 
control voltage of VM3 when C1= 1 pF. 
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slightly higher than that of the switched multi-tap transformer at corresponding control 
voltage and frequencies. 
Due to the page limit, the plots of the resonant frequency and quality factor of the 
parallel resonator, which are similar to that of the series resonator but with slightly shifted 
frequency, are not shown.  However, it needs to be mentioned that dual resonance did not 
occur in the parallel resonator with C1 = 1pF due to the low intrinsic resonant frequencies in 
both the primary and secondary. When the C1 is reduced, dual resonance can be observed. 
The performance of the series and parallel resonators with the switched multi-tap 
transformer connected with a 1 pF capacitor is also shown in Table 3.3 when the gate control 
voltage is either 0 or 1.2 V.  
It might be argued that the application of the switched multi-tap transformer is very 
limited due to the significantly degraded quality factor when the switches are turned on. 
However, it needs to be noticed that a switched multi-tap transformer with a large k was 
characterized for the purpose of wide frequency tuning in this Section. When the quality 
factor is a key concern, a switched multi-tap transformer with a small k is preferred at the 
Table  3.3.  Performance of the series and parallel LC resonator with a switched multi-tap 
transformer 
Control Voltage (V) Freq. (GHz) Q 
VM1 VM2 VM3 Ser. Par. Ser. Par. 
0 0 0 1.92 1.9 6.8 6.65 
1.2 0 0 2.22 2.09 3.33 3.05 
0 1.2 0 2.81 2.52 2.44 2.12 
0 0 1.2 1.68/4.31 1.64/- 6.6/2.88 6.5/ - 
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cost of smaller tuning range of the inductance. But, the degraded quality factor might not 
cause significant drawback as it seems. It is observed that the LNA with the switched multi-
tap transformer achieved excellent input matching with comparable gain, noise figure, 
linearity etc. [32]. Also, the inductive tuning would be desirable at higher operation 
frequencies when the quality factor of a resonator is limited by the capacitor [19]. It is also 
worth to mention that the self-resonant frequency of the switched multi-tap transformer is 
extended to a higher frequency when the switch is turned on, which enables the multi-tap 
transformer to be applicable in a higher frequency range than its intrinsic self-resonant 
frequency.  
3.4  Summary 
Multi-tap transformers are investigated in detail for the first time. A method for 
speeding up the design cycle of multi-tap transformers is presented. Symmetric multi-tap 
concentric and interleaved transformers are designed in 0.13µm CMOS RF process and 
characterized up to 10 GHz. The comparison to Momentum simulation results demonstrates 
the accuracy of the proposed design method as well as the broadband lumped-element model. 
The feasibility for reconfigurable applications is demonstrated by examining the inductances 
and coupling coefficients for three different configurations. 
The effect of switch loss in a switched asymmetric multi-tap transformer using as a 
tunable inductor in series and parallel LC resonator, is investigated. The resonant frequency 
and quality factor of the LC resonators are evaluated under different control voltages of the 
switches, which emulate the different levels of switch resistance. A switched multi-tap 
transformer was fabricated in 0.13 µm CMOS, and its equivalent inductance and quality 
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factor are extracted from the measured S-parameters, which are also used in the evaluation of 
the LC resonators. It exhibits good flexibility for frequency tuning and shows good potential 
in RFIC design though the quality factor is reduced when the switch is turned on. 
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CHAPTER 4.  RECONFIGURABLE MULTIMODE LOW-NOISE 
AMPLIFIER USING A MULTITAP TRANSFORMER 
 
In a multi-standard multi-band RF system, the low noise amplifier is a key building 
block that requires input matching across different frequency bands. The limited bandwidth 
in the matching network of the LNA is a primary bottleneck in realizing such a system. As 
discussed in Chapter 1, several techniques, such as wideband [1, 3-5], switched multi-band 
[10, 38], concurrent dual-band [9], tunable narrow band [8], etc., have been proposed for the 
multi-standard multi-band radio receiver. However, there are severe trade-offs between the 
number of supported frequency bands and the out-of-band interferer rejection. 
To this end, inductors and transformers have been used at the gate of traditional 
common-source LNAs to provide single-band [49, 50], concurrent dual-band [10], and 
wideband input matching [26]. A conceptual reconfigurable multi-mode matching network, 
utilizing a multi-tap transformer and switched capacitors, that supports all three types of 
input matching, has been proposed in [41], that potentially relaxes the design trade-off 
between frequency coverage and linearity requirement through adaptive operation.  
In this chapter, a reconfigurable multi-mode LNA capable single-band, concurrent 
dual-band, or wideband operation will be discussed [32, 48]. A detailed analysis and design 
strategy for implementing a transformer-based multi-mode LNA will be first provided in 
Section 4.1. Then, the Circuit design details will be shown in Section 4.2 and the 
experimental results of a prototype multi-mode LNA will be presented in Section 4.3. Finally, 
Section 4.4 will conclude and summarize this chapter. 
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4.1  Reconfigurable Multimode LNA 
In the conventional narrow band LNA, shown in Fig. 4.1(a), a series gate inductor, L1, 
is used for narrow band matching and the input impedance is:  
    ( )  
    
   
  {        
 
    
}  (4-1) 
where gm is the transconductance of transistor M1. From (1), the operating frequency 
is given as: 
   
 
  √(     )   
   (4-2) 
By controlling the value of L1, Ls, or Cgs, the operating frequency of the traditional 
LNA could be dynamically controlled making it suitable for use in applications such as SDR. 
Changing Ls or Cgs, however, will also affect the real part of the input impedance, which will 
have unwanted effects on the input matching and power transfer. Therefore, the only real 
option for tuning the operating frequency is to control the value of L1. 
The value of L1 can be controlled in a number of ways. One popular way to realize a 
tunable inductor is through the use of active inductors [8]. Unfortunately, active inductors 
tend to be quite noisy, and placing them at the input of the LNA will result in an increased 
noise figure. Another option is to use a bank of inductors or multi-tap inductors and then 
selectively switch them into/out of the signal path. Due to the increase in the noise figure, 
this approach is unsuitable for use at the input and instead is reserved for use in the load 
network [38, 51]. A transformer can also be used to realize a tunable inductor. This approach 
maintains small area and as will be seen, avoids the placement of noisy switches directly in 
the signal path. 
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4.1.1  Multimode input matching network 
A transformer with primary winding, L1, secondary winding, L2, and coupling 
coefficient, k, can be used as an inductor by considering it as a one-port network with 
terminals A and B, as shown in Fig. 4.2(a). When the transformer is considered in this way, 
the effective inductance appearing between terminals A and B is calculated as: 
           (4-3)  
where   is the reflected inductance from the secondary winding, L2, and depends on 
how this winding is terminated. Fig. 4.2 illustrates three basic terminations of the secondary 
Ls
SW2
L1
ka kb 
Cp
L2bL2a
SW3SW1
Cgs
M1
ZIN(ω)
Ls
L1
Cgs
M1
ZIN(ω)
(a)
(b)
 
Figure 4.1.  Input of (a) a conventional inductively degenerated LNA (b) the proposed multi-
mode LNA with a reconfigurable multi-tap transformer as the gate inductor. 
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winding: open, shorted, and capacitively terminated. For the networks shown in Fig. 4.2(a), 
(b), and (c), the   term in (3) is given as: 
   {
 ( )
    ( )
    
      
         
( )
 (4-4) 
respectively. Therefore, the inductance, LAB, of a one-port transformer network can be tuned 
by controlling the way in which the secondary winding, L2, is terminated. Further control of 
the inductance can be gained by also controlling the coupling coefficient, k. This can be 
achieved by using a multi-tap inductor for L2 where the coupling between L1 and each section 
of L2 are different.  
By replacing the inductor, L1, in Fig. 4.1(a) with a multi-tap transformer as shown in 
Fig. 4.1(b), a reconfigurable input matching network can be easily achieved [48]. The 
transformer consists of a primary inductor, L1, and a secondary inductor, L2 that is divided 
into two sections, L2a and L2b. The coupling coefficient between the primary and each section 
of the secondary is denoted as ka and kb, respectively. In general,      , implying that the 
k
L1 L2
k
L1 L2
k
L1 L2 C
A
B
A
B
A
B
(a) (b) (c)
 
Figure 4.2.  Transformer operating as inductor with secondary winding terminated with (a) 
an open, (b) a short, and (c) a capacitive load 
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multi-tap inductor does not use a symmetric center tap. The parasitic capacitance and 
resistance of the transformer are neglected in order to simplify the following analysis.  
With the asymmetrically segmented secondary inductor and three switches, ideally 
nine different values of LAB may be achieved when each segment of the secondary is open, 
shorted and terminated with a capacitor. In practice, some of these switch combinations 
result in significant overlap in values and effectively only five modes of operation are used: 
three single-band modes (modes 1, 2, and 4), one concurrent dual-band mode (mode 3), and 
one ultra-wideband mode (mode 5). Table 4.1 shows the switch configuration for each mode 
of operation. 
As previously mentioned, (4-3) and (4-4) illustrate that there are two ways in which 
the inductance can be varied: by changing the impedance of the secondary termination, or by 
changing the coupling coefficient. The coupling coefficient of a multi-tap transformer can be 
easily changed by simply selectively short-circuiting different taps.  
By changing the coupling coefficient only, the single-band response can be tuned to 
different operating frequencies. This is indicated in Table 4.1 as mode 1, 2, 4, and 5. The 
generalized input impedance for these four modes can be written as: 
    ( )  
    
   
  {   (    
 )      
 
    
}  (4-5) 
where i = 0, a, b, and c for mode 1, 2, 4, and 5 respectively. The coupling coefficient k0 
represents the coupling between the primary winding and open-circuited secondary winding 
and is defined to be k0 = 0. Recall that ka and kb are the coupling coefficients between the 
primary winding, L1, and each section of the multi-tapped secondary, L2a and L2b, 
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respectively. Finally, the coupling coefficient      √         √       and represents 
the total coupling between the primary and secondary windings L1 and L2. 
The bandwidth over which the LNA is matched is primarily determined by the 
effective quality factor, Q, of the input matching network, which is expressed as: 
   
 
       
.  (4-6) 
As the operating frequency is increased, Q becomes smaller and the bandwidth of the 
matching network will thereby increase. Finally, a general expression for the operating 
frequency in these modes can be found by analyzing (4-5): 
   
 
  √(  (    
 )   )   
   (4-7) 
When SW2 is closed, a section of the secondary winding becomes capacitively 
terminated and the LNA is put into mode 3. It has been shown in [10] that a capacitively 
terminated transformer will have two resonant frequencies. This will result in a concurrent 
dual-mode operation. In this case the input impedance is given by:  
Table  4.1.  Switch configuration for different modes of operation 
Mode SW1 SW2 SW3 Note 
1 0 0 0 Single band 
2 1 0 0 Single band 
3 0 1 0 Concurrent dual-band 
4 0 0 1 Single band 
5 1 0 1 Ultra-wideband 
Note: 1 = CLOSED, 0 = OPEN 
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where      √     . By analyzing (4-8), it is seen that the circuit achieves an input match 
at two frequencies simultaneously. These frequencies are given by:  
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where f1 and f2 are the resonant frequency of the primary and secondary path, respectively. 
The frequency f1 is the same as that which is given in (4-2), while frequency f2 is expressed 
as: 
    
 
  √     
.  (4-11) 
4.1.2  Design strategy 
When designing the multi-mode LNA, the first design consideration is the targeted 
frequency bands. From the previous analysis, the center frequencies of the five modes can be 
calculated using (4-2), (4-7), (4-9), and (4-10). The key to achieving the desired bands of 
operation is to properly size the inductances and coupling coefficients of the multi-tap 
transformer for a given LNA core. The operating frequency of mode 1 is set by the primary 
inductance L1. Then, by choosing different coupling coefficient ka and kb, the operating 
frequency of mode 2 and 4 can be set, respectively. Knowing kb, the bands of mode 3 can be 
further determined by sizing Cp. A limitation of mode 3, however, is that the lower band will 
always be lower than mode 1 according to (4-9) and (4-10) and only certain dual-band 
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combinations can be realized for a given Cp, as shown in Fig. 4.3. Ideally, the center 
frequency of mode 5 can also be chosen by properly determining the total coupling 
coefficient kc, which is normally larger than both ka and kb, and naturally results in wide-band 
matching at high frequencies as seen in (4-6). However, in order to simplify the transformer 
design, often L1 = L2 is chosen, which results in kc being pre-determined by the choices of L1, 
ka and kb, and thus the center frequency of mode 5 will often be set. By allowing      , 
mode 5 operation can be independently controlled, but this will also increase the complexity 
of the transformer design. 
The design and optimization techniques for a source degenerated common source 
amplifier presented in [49, 50] can be directly applied in this multi-mode LNA design to 
achieve simultaneous noise and input matching. The device sizing of the LNA core, 
excluding the switched multi-tap transformer network, can be finalized by optimizing the 
LNA for mode 1. Due to the simultaneous noise and input matching characteristic of the 
 
Figure 4.3.  Plot of low-band and high-band resonant frequency as a function of capacitance 
Cp for L1 = L2 = 6.8 nH, L2a = 1.7 nH, L2b = 3.4 nH, ka = 0.63, and kb = 0.87. 
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LNA, it is seen that optimum noise and input matching will be closely achieved for all modes 
once the LNA is optimized for mode 1, which will be confirmed with simulation results in 
later part of this section. 
 The goal of this design was to cover as wide of a frequency range as possible which 
encompasses as many different standards as possible. To this end, the center frequencies of 
2.96 GHz, 3.75 GHz, and 5.56 GHz are targeted for mode 1, 2, and 4, respectively; the 
frequencies of 2.09 GHz and 7.25 GHz are targeted in mode 3; and 6.99 GHz is the targeted 
center frequency for mode 5. With the values of gm = 50 mS, Cgs = 400 fF, and Ls = 0.4 nH, 
initial values for the multi-tap transformer of L1 = L2 = 6.8 nH, L2a = 1.7 nH, L2b = 3.4 nH, ka 
= 0.63, and kb = 0.87 are arrived at. The termination capacitance value of Cp = 1 pF is also 
used. 
4.1.3  Noise analysis 
Noise is an important consideration in LNA design and careful attention must be paid 
when adding components to the input of the LNA. The noise model that is used for the 
following analysis is shown in Fig. 4.4. Resistors R1, R2a, and R2b are the parasitic resistance 
of the transformer windings L1, L2a, and L2b, respectively. The parasitic ON resistance, and 
the corresponding noise contribution, of the switches are modeled as part of resistances R2a 
and R2b. These losses are important to model because they have a significant impact on the 
overall noise figure of the LNA. 
The following noise analysis uses mode 3 operation as an example to derive a general 
expression for the noise figure that is valid for all five modes. In order to simplify the 
analysis, only thermal noise and induced gate noise sources are considered. It is verified in 
 58 
 
later Sections that this simplification still gives good agreement with simulation results.  As 
seen in Table 4.1, SW2 is closed for mode 3 while all other switches are open. Using Fig. 4.4, 
the total short-circuit noise current due to noise contributed by the source can be written as: 
       
      
    (      
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  (4-12) 
where 
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, (4-14) 
M is the mutual inductance between the primary and secondary windings which is expressed 
as     √     , and    is the impedance of the secondary tank which is given as    
     
 
   
    . 
Similarly, an expression for the short circuit noise current due to noise contributed 
from the lossy transformer is written in two parts. First, the output noise due to the parasitic 
loss of the primary winding of the transformer is expressed as: 
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Figure 4.4.  Noise model of the multi-mode LNA. 
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The contribution of the parasitic loss of the secondary to the output noise current is: 
       
        
       √     (      
   )
  (4-16) 
 
where R2b is the total effective parasitic resistance of the secondary winding including the 
ON-resistance of the switch. 
The portion of the short-circuit noise current due to induced gate and thermal drain 
noise of transistor M1 can be derived as: 
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 (4-17) 
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). (4-18) 
The noise factor of the proposed LNA is expressed as: 
     
     
       
      
      
 
     
 
. (4-19) 
Substituting (4-12) and (4-15)-(4-18) into (4-19), the complete noise figure for the 
proposed LNA operating in mode 3 is given as:  
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  (4-20) 
Equation (4-20) can also be used to calculate the noise factor in other modes by 
adjusting the expression used for  , mutual inductance, and the thermal noise contribution 
from the secondary winding. The mode-dependent expressions for  , M, and     
 ̅̅ ̅̅ ̅̅     are 
summarized in Table 4.2. 
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4.2  Circuit Details 
This Section describes the design and simulation of a multi-mode LNA supporting 
single-band, concurrent dual-band, and ultra-wideband operations. Fig. 4.5 shows the 
schematic of the proposed LNA where an output buffer has been added to drive the 50 Ω test 
equipment. 
The LNA is based on the traditional common-source topology and includes the multi-
mode matching network discussed in the previous Section. The input stage is realized by 
absorbing the gate inductance into the primary winding of a switched multi-tap transformer. 
The multi-tap secondary winding is terminated in the same way that was demonstrated in 
Fig. 4.1(b) with the ideal switches replaced by NMOS transistors. The size of the switch 
transistors M4, M5, and M6, are maximized so as to minimize the series ON-resistance in 
                         √       
Table  4.2.   Mode-dependent terms for noise factor calculation 
Mode     
 /   M   
1    (       )   √        √      0 
2          √      
    
        
 
3          √      
      
                
 
4          √      
    
        
 
5    (       )   √        √      
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order to achieve high gain and low noise figure. This is balanced, however, with the need to 
minimize the added parasitic capacitance. Too much parasitic capacitance can cause a 
significant frequency shift in the different modes and in the extreme case may cause 
unwanted resonances. A large resistor, RB, is added to provide a DC path to ground for the 
purpose of biasing the switches. 
 The total response of the LNA is a combination of the input matching network as 
well as the load network and to avoid unnecessary signal attenuation, the frequency response 
of the load network should match that of the input network. One option is to use a 
reconfigurable band-selective load [38], The total response of the LNA is a combination of 
the input matching network as well as the load network and to avoid unnecessary signal 
attenuation, the frequency response of the load network should match that of the input 
network. One option is to use a reconfigurable band-selective load [38], however, for 
Ls
VSW1 VSW3
VSW2
M1
M2
L1
RL
LL
RFIN
RFOUT
ka kb
M3
RBCp
M4
M5
M6L2bL2a
 
Figure 4.5.  Schematic of the proposed multi-mode LNA. 
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simplicity a wideband resistive load was used to de-Q the load inductor for bandwidth 
extension. 
4.2.1  Integrated multitap transformer 
A key element to the proposed LNA is the design, modeling, and implementation of 
the fully integrated multi-tap transformer. The transformer structure was obtained through 
numerical evaluation of many different configurations following the techniques presented in 
[37, 45]. The final transformer design utilizes an interleaved configuration with an extra tap 
placed in the secondary winding forming a 5-port network, shown in Fig. 4.6(a). The 8-turn 
interleaved transformer was designed with an outer diameter of 300 µm, a metal width of 4.3 
µm, and a metal-to-metal spacing of 5 µm. The top-most metal was used to achieve a high 
quality factor and high self-resonant frequency. 
In order to simulate the circuit in both the frequency- and time-domain, a broad band 
lumped element model of the multi-tap transformer, consisting of segments of π-networks 
was developed using ADS Momentum and is shown in Fig. 4.6(b) [37]. 
The low frequency behavior is modeled by inductors L1, L2a and L2b, and the coupling 
coefficients, ka, kb, and kab. The modeled values of L1, L2a, and L2b are 5.38 nH, 1.19 nH, and 
2.78 nH, respectively. The values for ka, kb, and kab are 0.62, 0.77, and 0.39, respectively. 
The tunable inductance is demonstrated in Fig. 4.6(c) which shows the effective 
inductance of the multi-tap transformer (i.e., LAB from Fig. 4.2) for different modes. The 
effective inductance is extracted from 1-port S-parameter simulations using the relationship: 
       
    (   )
 
.  (4-21) 
 63 
 
The frequency bands of interest for each mode are also shown in Fig. 4.6(c) as bold 
lines. It is seen that the effective inductance, for a given mode, increases rapidly at higher 
frequencies. This is due to the interaction of parasitic capacitances and can be controlled 
through careful design of the transformer. The equivalent quality factor of the multi-tap 
transformer for each mode is shown in Fig.6 (d). When the switch is turned-on, the quality 
① ②
④
⑤ ③ 
(a) (b)
(d)
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L1 R1
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ka L1-L2a
kb L1-L2b
kab L2a-L2b
Coupling 
capacitor
Nodes
Cc1 1-3
Cc2 2-5
Cc3 1-5, 2-3
Cc4 1-4
Cc5 2-4
Csub4Rsub2 Rsub3
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Figure 4.6.  (a) Multi-tap transformer layout, (b) broadband lumped-element model of the 
multi-tap transformer, (c) simulated equivalent inductance, and (d) quality factor of the 
multi-tap transformer with switches and capacitors (the region of operation are plotted in 
bold). 
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factor is reduced due to the switch loss and the increased intrinsic series resistance of the 
transformer at high frequency. 
4.2.2  Simulation results 
Circuit operation is verified through simulation. Both simulated as well as calculated 
S11 is plotted for each mode and is shown in Fig. 4.7. It is seen that, in general, simulations 
match well with the theory presented in Section 4.1. In mode 1, 2, and 4, the input is 
configured as a single-band matching network with center frequencies of 2.79 GHz, 3.76 
GHz, and 5.49 GHz, respectively. The -10 dB bandwidths for these same modes are 530 
MHz, 1.1 GHz, and 2.1 GHz, respectively. The increase in bandwidth with center frequency 
is clearly seen in Fig. 4.7(a). 
In mode 3, the input network is configured to operate as a concurrent dual-band 
matching network. In this mode, the network operates at both 2.14 GHz and 6.91 GHz. While 
the simulated and theoretical results match well for the low-frequency band, the simulated -
10 dB bandwidth of the high-band is much smaller than the predicted 2.4 GHz. This is due to 
neglected parasitics in the analysis as well as variations in the desired coupling coefficients; 
the upper-band of mode 3 depends upon the absolute value of the coupling coefficient [10].  
In mode 5, the input network is configured to operate in a wideband mode. The 
simulated -10 dB bandwidth is underestimated by approximately 30%. This underestimation 
is again due to the presence of parasitic capacitance. The parasitic capacitance acts like a 
capacitive termination for the secondary winding and results in a high-order matching 
network with a wider bandwidth. The theoretical analysis, on the other hand, treats mode 5 as 
a single inductor with an ideal short-circuit termination of the secondary winding. This is 
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verified by looking at Fig. 4.7(c), which shows two clear resonant frequencies at 7.4 GHz 
and 10.2 GHz – a phenomenon only achievable when the secondary winding is capacitively 
terminated. 
The comparisons of Fig. 4.7 clearly show that the analysis of the preceding Section 
can adequately predict the location of the operating band though larger deviations appear at 
higher frequencies. Therefore the analysis is a good starting point for numerically evaluating 
mode 4
mode 2
mode 1
(a) (b)
(c)
 
Figure 4.7.  Theoretical and simulated S11 for (a) mode 1, 2, and 4, (b) mode 3, and (c) mode 
5. 
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a large number of transformer designs, although simulations are still required for accurate 
final design. 
In Fig. 4.8, the noise analysis is also verified through simulation and compared to the 
previously presented theoretical analysis. For completeness the simulated and calculated 
noise figures are shown for a wide range of frequencies, however, shaded boxes identify the 
desired bands of operation. It is seen that the calculated and simulated noise figures agree 
quite well in the bands of interest.  
In modes 1, 2, and 4, the simulated noise figures at the respective center frequencies 
are 1.75 dB, 3.18 dB, and 3.67 dB, respectively. In mode 3, the simulated noise figure is 2.76 
dB and 5.12 dB for the low and high band, respectively. In mode 5, the simulated noise 
figure ranges from 3.91–5.98 dB. The increased noise figure at high frequencies is mainly 
due to the reduction in gain, which may be improved by using transistors with high cut-off 
frequencies. Due to the simplicity of the input matching network and noise model, the 
analytical equation could not predict the out-of-band noise figure correctly; however, it is 
unusual to need such accuracy. 
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Figure 4.8.  Theoretical and simulated noise figure (a) mode 1, (b) mode 2, (c) mode 3, 
(d) mode 4, and (e) mode 5 (the shaded box denotes the desired band of operation). 
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4.3  Experimental Results 
The multi-mode LNA shown in Fig. 4.5 was fabricated in a 0.13 µm CMOS process. 
The circuit measures 1.04 mm × 0.7 mm, including pads, and is shown in Fig. 4.9. The LNA 
was characterized via wafer probing and the effects of the output buffer were de-embedded 
from the measurement results. The LNA (excluding the buffer) dissipates a total of 6.4 mW 
from a 1.2 V supply. 
The S-parameters were measured using an Agilent E5071C network analyzer. Fig. 
4.10 shows the measured S11 and S21 for all modes. The center frequencies of modes 1, 2, and 
4 are 2.8 GHz, 3.3 GHz, and 4.6 GHz, respectively. The measured -10 dB bandwidth for 
these three modes is 700 MHz, 1 GHz, and 2.2 GHz, respectively. The power gain varies 
between 14.9–16.4 dB, 12.8–14.7 dB, and 14.1–14.8 dB for mode 1, 2, and 4, respectively. 
In mode 3, the two concurrent bands are centered at 2.05 GHz and 5.65 GHz. The upper-
band bandwidth is measured to be 3.1 GHz and the gain ranges between 12–15 dB. Due to an  
1.04 mm
0
.7
 m
m
 
Figure 4.9.  Microphotograph of the LNA employing a multi-tap transformer. 
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Figure 4.10.  Measured and simulated S11 and S21 for (a) mode 1, (b) mode 2, (c) mode 3, 
(d) mode 4, and (e) mode 5. 
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underestimation of the parasitic capacitance of the multi-tap transformer and the associated 
interconnect, the input matching in the low-band of mode 3 was degraded to -8.6 dB. The 
low-band gain is 14.9 dB. 
There are two ways in which the bandwidth can be reported when the LNA is 
configured to operate in mode 5: 1) the -10 dB bandwidth of the input matching network or 
2) the -3 dB bandwidth of the gain. The input matching is below -10 dB over the range of 
4.3-10.8 GHz and the peak gain in this region is 15.6 dB. At 10.8 GHz, however, the gain has 
dropped to +3 dB. By constraining the maximum variation in the gain to 3 dB of the 
maximum (i.e., the -3 dB bandwidth) the bandwidth is reduced to 7.8 GHz. 
It is seen in Fig. 4.10 that S11 falls below -10 dB near 10 GHz in mode 1 and 2 and it 
appears that dual-band matching is achieved. The gain at these frequencies, however, is near 
zero and so mode 1 and 2 are considered to have single-band operation. The gain peaking 
near 7.5 GHz (seen in Fig. 4.10(a) and (b)) is due to the shunt peaking of the load network. 
With all 5 modes considered, the proposed LNA has a -10 dB bandwidth spanning from 2 
GHz to 10.8 GHz and the gain is greater than 10 dB up to 8.5 GHz. To date, this is the largest 
amount of flexibility reported in the literature. 
The noise figure (NF) was measured using the Y-factor method using an Agilent 
N4001A noise source and a Tektronix RSA 6114A spectrum analyzer. To effectively de-
embed the noise of the spectrum analyzer, a Mini-Circuits ZX60-6013E-S amplifier was used 
before the network analyzer. Due to the limited bandwidth of the ZX60-6013E-S, the NF can 
only be measured up to approximately 8 GHz. Fig. 4.11 shows the measured and simulated 
NF for all five modes. The LNA exhibits a NF of 1.9–3.0 dB, 2.4–4.1 dB, and 2.7–5.1 dB 
over the matched bands of mode 1, 2, and 4, respectively. In mode 3, the NF is measured to  
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Figure 4.11.  Measured and simulated noise figure for (a) mode 1, (b) mode 2, (c) mode 3, 
(d) mode 4, and (e) mode 5. 
 72 
 
be 4.0 dB in the low-band and 4.7–7 dB in the high-band. Finally, the measured NF in mode 
5 is 4.0–5.3 dB within the measured -10 dB matching band.  
The relatively high NF seen at higher frequencies is due to the reduced gain of the 
LNA. High noise figures are also observed in the low-band of mode 3 because of the 
undesired frequency shift of the narrow-band matching network that was previously 
discussed. 
The linearity of the proposed LNA was characterized using a standard two-tone test. 
The two tones, having equal amplitude and separated by 5 MHz, were generated using an 
Agilent E4438C vector signal generator and applied to the input of the proposed LNA. The 
measured IIP3 is shown in Fig. 4.12. Due to limitations in the frequency range of the 
E4438C, the linearity was only measured up to 6 GHz, but it is expected that the results seen 
in Fig. 4.12 would be consistent across the entirety of the LNA’s bandwidth. The measured 
 
Figure 4.12.  Measured IIP3 of the proposed multi-mode LNA across the bands for all 5 
modes. 
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IIP3 varies between -4 dBm and -2 dBm in mode 1, 2, and 4; -5.3 dBm and +0.4 dBm in 
mode 3; and -5.0 dBm and -1.2 dBm in mode 5.  
The performance of the proposed multi-mode LNA is compared with previously 
reported reconfigurable single-band [8, 38], concurrent dual-band [9, 10], and ultra-wideband 
[4, 5, 52, 53] LNAs and the results are summarized in Table 4.3. It is seen that the proposed 
LNA has the highest degree of flexibility and the performance is competitive in terms of 
gain, noise figure, linearity, and power consumption. 
The significantly smaller area of the system reported in [8] comes from the 
replacement of the series passive inductor with a tunable, active inductor. Traditionally, 
active inductors have not been used due to their adverse effects on the overall noise figure. 
This drawback is seen in the higher noise figure of  [8] in conjunction with a significantly 
larger power consumption.  
The large gain presented in [38] is due to the two-stage structure that was used. This 
allowed the gain to be optimized for each operating band rather than finding a tradeoff that is 
good over all bands. It is noticed in Table 4.3 that the proposed LNA operating in mode 5 
and the ultra-wideband LNA of [53], both of which are based on the common-source 
architecture, exhibit an input matching bandwidth that is larger than the -3 dB bandwidth but 
a significantly smaller gain and larger noise figure at higher frequencies than the reactive 
feedback wideband LNAs of [4, 5]. Though the reactive feedback architecture, due to its 
wideband characteristic, cannot be directly applied to the proposed LNA to improve the noise 
performance, feedforward-based noise cancellation techniques [54, 55] may be adopted.
 74 
 
Table  4.3.  Summary of LNA performance and comparison to previously published designs 
Ref. Tech. Freq. (GHz) S11 (dB) S21 (dB) NF (dB) IIP3 (dBm) 
Power 
(mW) 
Area 
(mm
2
) 
Note 
This 
Work 
0.13µm 
CMOS 
2.8 -32.8 16.1 2.4 -4.0 
6.4 
  
Single band 
Mode 1 
3.3 -18.6 14.2 3.0 -2.0   Mode 2 
4.6 -35.4 14.2 3.7 -3.2 0.73† Mode 4 
2.05 -8.6 14.9 4.0 -2.0 0.44‡ Concurrent 
dual-band 
Mode 3 
5.65 -32.4 14.9 4.8 -4.2   
4 ~ 7.8 
(4.3~10.8
∆
) 
<-10 
15.6 
(3.0~15.6
∆
) 
4.0~5.3* -5.0 ~ -1.2**   
Ultra- 
wideband 
Mode 5 
[8] 
0.13µm 
CMOS 
1.9~2.4   -17~-25  14~10*** 3.2~3.7   -6.7  17  0.083‡ 
Reconfigurable single 
band 
[38] 
0.13µm 
CMOS 
2.4 ~ 5.4 < -12 22 ~ 24 2.2 ~ 3.1 -16 ~ -21 4.6 0.49‡ 
[9] 
0.35µm 
CMOS 
2.45 -25 14 2.3 0 
10 0.64† 
Concurrent dual-band 
5.25 -15 15.5 4.5 5.6 
[10] 
0.13µm 
CMOS 
2.45 -12.6 9.4 2.8 -4.3 
2.79 
0.61† 
0.36‡ 6 -21 18.9 3.8 -5.6 
[4] 
0.13µm 
CMOS 
2.2 ~ 10.3  
(2.2~10.6
∆
) 
< -9.9 16.5 2.1~2.9 -8.5 ~ -5.1 9 0.87† 
Ultra-wideband 
[5] 
0.18µm 
CMOS 
1 ~ 8 
(1 ~ 9
∆
) 
< -10 16.5 1.9~2.65 -2 ~ 3 10.8 1.056† 
[52] 
90 nm 
CMOS 
2.6 ~ 10.2 
(2.6 ~ 10.6
∆
) 
< -9 12.5 3 ~ 7 — 7.2 0.64† 
[53] 
0.18µm 
CMOS 
2.6 ~ 9.2 
(2.6 ~ 11.7
∆
) 
< -9.9 
9.3 
(1 ~ 9.3
∆
) 
4 ~ 9.5 -6.7 9 1.1† 
  * Measured up to 8 GHz; ** Measured up to 6 GHz; *** Voltage gain; ∆ S11 < -10 or -9 band; † Including Pads; ‡ Excluding Pads 
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4.4  Summary 
A multi-tap transformer-based reconfigurable multi-mode LNA is proposed and 
fabricated in 0.13 µm CMOS. To the authors’ best knowledge, it is the first reported LNA 
capable of single band, concurrent dual-band, and ultra-wideband operation and is among the 
largest bandwidths reported in literature. This is achieved with a novel, reconfigurable, multi-
mode input matching network that naturally integrates a switched multi-tap transformer into 
an inductively degenerated common source amplifier. The proposed LNA achieves single 
band matching at 2.8 GHz, 3.3 GHz, and 4.6 GHz; concurrent dual-band matching at 2.05 
GHz and 5.65 GHz; and ultra-wideband matching from 4.3 GHz to 10.8 GHz. The power 
gain of 14.7 – 16.4 dB, noise figure of 1.9 – 4.7 dB, and IIP3 of -2 – +0.4 dBm across all 
bands. The chip occupies an area of 1.04 × 0.7 mm
2
, and has a power dissipation of 6.4 mW 
from a 1.2 V supply. It provides one of the simplest LNA solutions for reconfigurable radios 
and the topology is a good candidate for software defined and cognitive radio. 
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CHAPTER 5.  TRANSFORMER-BASED TRIPPLE-MODE VOLTAGE 
CONTROLLED OSCILLATOR 
 
In multi-standard multi-band RF systems, the voltage controlled oscillator (VCO) is a 
key building block that limits the operating frequency range. To cover a wide range of 
frequencies, most reported VCOs targeting such applications have focused on achieving a 
wide-tuning range with good phase noise. Though the tuning range of the oscillators has been 
extended to several GHz, only a single frequency can be generated at a time in those 
oscillators [13, 15, 17-20, 35, 36]. As the introduction of inter-band carrier aggregation 
techniques, such as in 3GPP LTE [2], it needs two or more local oscillator frequencies at the 
same time. A straight forward solution is to use several oscillators. Unfortunately, the 
approach suffers significant problem with power consumption and die area. To save power 
and area, an oscillator capable of generating two or more frequencies simultaneously 
becomes very attractive. Oscillators generating multiple independent frequencies 
simultaneously have been studied since the 1920’s [56-61]. It is shown that active devices 
must be highly nonlinear for stable simultaneous oscillations [62, 63].  Recently, integrated 
concurrent dual-frequency oscillators was first reported in 0.18 µm SiGe BiCMOS [22]. To 
enable a low cost solution in CMOS, a triple mode VCO with a transformer-based high order 
tank, consisting of two magnetic coupled 2
nd
 order tanks, shown in Fig. 5.1, was then 
demonstrated in 65 nm CMOS to generate two frequencies either concurrently or one at a 
time [23]. In the concurrent dual-oscillation mode, the MOS transistors, M1 and M2, were 
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biased with a voltage less than supply voltage (VDD) to operate in Class-C mode to generate 
enough nonlinearity to sustain simultaneous oscillation at two frequencies. 
In this chapter, a triple-mode CMOS LC-VCO with a dual-coupled transformer-based 
high order tank is proposed that relaxes the upper limit of the transistor bias voltage to VDD to 
achieve concurrent dual-oscillation. In addition to the magnetic coupling in the transformer, 
the primary and secondary windings are also actively coupled with tunable transconductors. 
The VCO is able to be reconfigured to operate in one of three modes: 1) generating a single 
frequency in the 3 GHz band; 2) generating a single frequency in the 5 GHz band; and 3) 
generating two frequencies in the 3 and 5 GHz bands simultaneously. An overview of multi-
frequency oscillation is first provided in Section 5.1. Then, a detailed analysis of the 
proposed dual-coupled tripled mode VCO will be given in Section 5.2. Then, the circuit 
M1
V+ V-
VDD
Vt1
k
L1
2C1 2C1
Ct1It1
M2 M3
VDD
Vt2
L2
2C2 2C2
It2
M4
Vb
 
Figure 5.1.  Schematic of a transformer-coupled triple-mode VCO [23]. 
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design details and the experimental results of a prototype triple-mode VCO will be presented 
in Section 5.3. Finally, this chapter concludes in Section 5.4. 
5.1  Multi-Frequency Oscillator 
The block diagram of a conceptual dual-frequency oscillator is shown in Fig. 5.2, 
including a 4
th
 order tank, denoted by its impedance, and a nonlinear negative 
transconductance, gm, generator. The tank resonates at the frequency of    and   , and may 
be realized by inductor- and transformer-based resonator, shown in Fig. 2.3 (a)(d) and Fig. 
2.9 (a), while the gm compensates the tank loss at    and   . The tranconductance is not 
only frequency dependent, but also very nonlinear in order to sustain concurrent dual 
oscillation [23, 30]. 
Fig. 5.3 illustrates an ideal output waveform of an oscillator oscillating at 3 GHz and 
5 GHz simultaneously with equal amplitude of 1 V. Assuming the transconductance is 
realized with cross-coupled pairs, acting as ideal switches, with a total bias current of 1 mA, 
the current following in the tank will be a series of pulses with amplitude of    mA, shown 
in Fig. 5.4 (a). When the tank exhibits the same impedance at 3GHz and 5 GHz, the current 
-gm(ω, V) Z(ω)V
i
-V
|Z|
ωL
π/2 
-π/2 
Z
0
ωH
ω
ωL ωH
ω
 
Figure 5.2.  Block diagram of a conceptual multi-frequency oscillator. 
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has same amplitude at 3. The corresponding frequency spectrum is shown in Fig. 5.4 (b). At 
3GHz and 5 GHz, the current amplitude is about 0.32 mA. To generate the output waveform 
in Fig. 5.2, an ideal 4
th
 order tank is needed, acting as a band-pass filter with passing band at 
3 GHz and 5 GHz respectively, to filter out the harmonics. The equivalent impedance needs 
to be about 3125 Ω at both frequencies to achieve 1 V voltage amplitude at 3 GHz and 5 
GHz, respectively. 
 
 
 
Figure 5.3.  Ideal output waveform of an oscillation oscillating at 3 GHz and 5 GHz 
simultaneously. 
(a) (b)  
Figure 5.4.  Corresponding (a) current waveform following in the tank and (b) its 
frequency spectrum when the gm is realized with ideal switches and the ideal 4
th
 order 
tank has the same impedance at 3 GHz and 5 GHz. 
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5.2  Operation of Dual-Coupled Triple-Mode VCO 
Fig. 5.5 shows the schematic the proposed dual-coupled VCO (DC-VCO), consisting 
of a transformer-based 4
th
 –order tank with a cross-coupled transistor pair, M1 and M2, on its 
primary winding, and a pair of transistors, M3 and M4, coupling between the primary and 
secondary windings. The output is taken from the primary winding. The transconductance of 
the transistors, M1/M2 and M3/M4, are gm1 and gm2, respectively. The DC-VCO oscillates at a 
single frequency when only a pair of the transistors is enabled, while it oscillates at two 
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Figure 5.5.  Schematic of the proposed dual-coupled triple-mode VCO. 
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frequencies simultaneously when both transistor pairs are enabled. We will study the 
oscillation condition of the oscillator using a simplified 1-port network model, shown in Fig. 
5.6.  
5.2.1  Oscillation frequency and start-up conditions 
The admittance of the 1-port network can be expressed as: 
    
   
 
     
 
  
  
   
 
  
  
. (5-1) 
where    is the capacitance across the primary tank, respectively,   
  is the effective 
impedance of the primary inductor,    and    are the AC voltages at the oscillation nodes of 
the primary and secondary tanks, respectively. The expression of   
  and       can be 
obtained by applying KVL and KCL to the model and solving the following equations: 
         
  (5-2) 
       (      )       (5-3) 
       (      )       (5-4) 
            , (5-5) 
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Figure 5.6.  Small signal model of the proposed triple mode VCO. 
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where    and    are the self-inductance and parasitic resistance of the primary turn,    and 
   are the self-inductance and parasitic resistance of the secondary turn,    √     is the 
mutual inductance of the transformer and   is the coupling coefficient. Solving (5-2)-(5-5), 
we get 
   
         
    
       
, (5-6) 
where                
 
   
    
The voltage ratio from primary to secondary turn is given as  
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Then, the admittance Y is expressed as: 
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The impedance of   
  and the voltage ratio may be expressed in the resonant 
frequencies of the primary and secondary tanks and the quality factor of the primary and 
secondary inductors as follows: 
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 (5-10) 
where      √    ,      √     ,          , and          . 
When the oscillator oscillates, there is zero phase shifts in the tank. Thus, the 
oscillation frequency can be obtained by letting: 
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To gain some insight, high quality factors of the inductors are assumed, that is 
       and       , to simplify the analysis. By analyzing (9-11), the resonant 
frequencies can be approximated as: 
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where 
       (     )     (     )    . (5-14) 
The oscillator can potentially oscillate in three modes: 1) at a single frequency of   , 
2) at a single frequency of   , and 3) at two frequencies of    and    simultaneously, 
depending whether the start-up condition can be met at    and    and there are enough 
nonlinearity in the transconductance. For start-up of oscillation, the loop gain must be larger 
than one at the resonant frequency base on Barkhausen’s criteria. In term of the network 
admittance, the start-up condition can be expressed as: 
   ( )   
   
 
   (
 
  
 )  
   
 
  (
  
  
)   . (5-15) 
It requires   ( )|       and   ( )|       to start oscillation only at    in mode 1, 
while it requires   ( )|       and   ( )|        to start oscillation only at   . To 
start oscillation at both frequencies, it requires   ( )|       and   ( )|      . 
From (5-15), it seems that the three modes of operation may be achieved by properly 
choosing the transcondutance of     and    . However, it also depends on the relationship 
 84 
 
between     and   . When      , three modes of operation can be achieved, but when 
     , it can only oscillate at   . That is because that the impedance of   
  and the voltage 
ratio of       are frequency dependent. 
From (5-9), it is seen that there is a critical frequency at 
    
  
√           
, (5-16) 
where the impedance of   
  decrease sharply, meaning increased loss, around the frequency 
of   . For a typical coupling coefficient of k,    is slightly larger than   . From (5-15), it 
can be inferred that    is closer to    than    is and   (    
 )|       (    
 )|     
when      . While,    is closer to    than    is and   (    
 )|       (    
 )|     
when      .  To illustrate this, the effective conductance of the primary inductor in a 
transformer-based tank with resonant frequency of 3 and 5.6 GHz are plotted using the 
extracted inductance, series parasitic resistance, and coupling coefficient of a designed 
transformer with L1= 1.7 nH, R1= 3.2 Ω, L2= 3.4 nH, R2= 3.8 Ω, k= 0.45, shown as case 1 in 
Fig. 5.7(a). The corresponding primary and secondary self-resonant frequency is    
   4.68 GHz and       3.2 GHz, respectively, and            GHz. The 
conductance of     
  is 3.7 mS at 3 GHz and 2.45 mS at 5.6 GHz, respectively. By switching 
the connection of the primary and secondary tanks, such that       3.2 GHz and 
      4.68 GHz, a new effective conductance of     
  is plotted as case 2 in Fig. 5.7(a). 
The conductance of     
  becomes 0.83 mS at 3 GHz and 8.6 mS at 5.6 GHz, respectively. 
From (5-10), it seen that the amplitude of the voltage ratio       is maximized at   , 
meaning large voltage gain, around the frequency of   . But the polarity of       will 
change from positive to negative. When     ,   (     )   ; while   (     )    
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when     . From (5-15), it can be inferred that   (     )|         (   
  )|    . That is to say    is in phase with    and the transcondutance     will compensate 
the loss of the tank at   , while    is out of phase with    and the transcondutance     will 
add loss to the tank at   . The voltage ratio is also illustrated in Fig. 5.7(b) for the tanks used 
in the discussion of     
 . The voltage ratio is 2 at 3 GHz and -0.44 at 5.6 GHz, respectively, 
in case 1, and the voltage ratio is 0.47 at 3 GHz and -1.5 at 5.6 GHz, respectively, in case 2. 
Thus, when      ,   ( ) is always smaller at    than  at   . It requires smaller 
negative transconductance to start the oscillation at   . When     is large enough, start-up 
condition might be met at both    and   , however, the oscillation at    starts faster and the 
oscillator will eventually oscillate at    only because   ( )|     will become zero after the 
oscillation stabilizes at    thus   ( )|     will be eventually larger than zero. The 
 
(a) (b)
 
Figure 5.7.  (a) Effective conductance of the primary inductor in the tank, and (b) real of 
the voltage ratio, v2/v1, between secondary and primary turn (case 1: L1= 1.7 nH, R1= 3.5 
Ω, L2= 3.4 nH, R2= 3.8 Ω, k= 0.45, f1= 4.68 GHz, f2= 3.2 GHz; case 2: L1= 3.4 nH, R1= 3.8 
Ω, L2= 1.7 nH, R2= 3.5 Ω, k= 0.45, f1= 3.2 GHz, f2= 4.68 GHz). 
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oscillation at    will die out. 
 When      , the oscillation can be configured in the following way to achieve 
three modes of operation: 1)            mS and       for mode 1, 2)         and 
         mS for mode 2, and 3)         mS and        for mode 3. In mode 3, 
    needs to be chosen such that the equivalent circuit of dual-coupled tank exhibits similar 
amplitude of impedance at    and   , in other words, it requires similar     to start  and 
sustain the oscillation at both frequencies. The configuration of operation modes is also 
summarized in Table 5.1. 
Fig. 5.8 illustrates the phase and amplitude of tank impedance when     varies from 
0 to 2 mS. From Fig. 5.8(a), it is seen that     has negligible effect on the phase, meaning 
Table  5.1.   Configuration of operation modes 
Note
1 Active 0
2 0 Active
3 Active tuning
Mode
  only
  only
      
     
  and    
 
(a) (b)
 
 Figure 5.8.  (a) Impedance and (b) phase of the tank with various gm2. 
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that the oscillation frequency stays the same. Fig. 5.8(b) shows that the amplitude of the tank 
impedance increases at    while decreases at    as     increases, implying that it becomes 
easier to start an oscillation at    and becomes harder to start an oscillation at    as     
increases. The oscillation modes can be gradually changed from single oscillation at    
only, to concurrent oscillation at    and   , and finally to single oscillation at    only. In 
the concurrent dual resonant mode,     is small and the start-up of oscillation is set by    , 
which is much greater than    .  
5.2.2  Oscillation amplitude and stable oscillation condition 
After the oscillation starts-up, the oscillation amplitude rises and the transistors 
become strongly nonlinear such that the transconductance on average is reduced until the 
oscillator reaches steady state when the tank loss is completely compensated by the average 
trandsconductance. The steady state oscillation condition of the proposed oscillator can be 
expressed as: 
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 )  
   
 
  (
  
  
)     (5-17) 
where     and     are the corresponding large signal trandoncutance of     and     at the 
resonant frequency   , respectively, and are a function of the non-differential oscillation 
amplitude of    and    in the primary and secondary tank, respectively.   (    
 ) and 
  (     ) represent the tank conductance at    looking into the primary winding and 
voltage gain from the secondary winding to the primary winding at   , respectively.  In 
mode 1 and 2,       and      , respectively. In mode 3,       and   . 
To simplify the analysis, the transistors, M1 M2, M3 and M4, are assumed to act as 
ideal switches. Thus, their drain current waveforms are a series of periodic pulses. Their 
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period, T, duty cycle, D, and amplitude, Ipk, relate to their modes of operation. In mode 1, the 
oscillator oscillates at a single frequency of    with It2 =0 and Gm2=0. The large signal 
transdoncutance     can be expressed as: 
          
 
      
   
      
   (      ). (5-18) 
where        is the oscillation amplitude at the terminals of the primary windings, L1, 
      is the duty cycle of the drain current of the transistors, M1 and M2, in mode 1. From 
(5-17)(5-18), the oscillation amplitude can be given as:  
        
 
       
          (      )   (5-19) 
where      
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 )|
    
 is the equivalent parallel tank resistant at   .  
In mode 2, the oscillator oscillates at a single frequency of When the oscillator 
oscillates at a single frequency of    with It1 =0 and Gm1=0. Similarly, the large signal 
transconductance      and the oscillation amplitude at    can be given as: 
          
 
       
   
      |
  
  
|
    
   (      ),  (5-20) 
where       is the duty cycle of the drain current of the transistors, M3 and M4, in mode 2, 
and |     |     is the voltage gain amplitude from the secondary winding to the primary 
winding at   . Because    is in phase with    at   , |     |       (     )|     From 
(5-17)(5-20), the oscillation amplitude at the terminals of the primary winding, L1, is given 
as: 
        
 
      
          (      ). (5-21) 
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where      
 
  (
 
  
 )|
    
 is the equivalent parallel tank resistant at   .  
In mode 3, the oscillator oscillates at two frequencies simultaneously. By neglecting 
the harmonics and intermodulation components for simplified analysis, the output signal can 
be expressed as: 
   ( )          (      )          (      ), (5-22) 
where      and      are the oscillation amplitude at the frequency    and   , 
respectively, in mode 3. Then, the drain current of the transistors, M1 and M2, can be 
assumed to be a combination of two series of periodic pulses with period of        and 
      , respectively, and duty cycle of      and     , respectively. The bias currents, It1, 
are assumed to be equally divided between the pulses. Similarly, the drain current of the 
transistors, M3 and M4, is also assumed a combination of two series of periodic pulses with 
period of        and       , respectively, and duty cycle of      and     , 
respectively. The bias currents, It2, are assumed to be equally divided between the pulses. 
Then, the large signal transconductance     and     at the two frequencies    and    can 
be expressed as: 
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where |
  
  
|
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 and |
  
  
|
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)|
    
 because    and    are in 
phase at    while are out of phase at    . Solving (5-17)(5-23)-(5-26) for the frequencies of 
   and   , the oscillation amplitude at the terminals of the primary winding can be given as 
(5-27) an (5-28), respectively:  
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          (     ).  (5-28) 
From (5-19)(5-21)(5-27)(5-28), it is seen that the oscillation amplitude depends on 
the duty cycle, which depends on the operating conditions, such as the gate biasing voltage, 
the tail current, etc.  For a conventional cross-coupled VCO, the drain current is normally 
assumed to be square wave, in other word, the duty cycle is 50%. When a tail capacitor is 
included in parallel with the tail current source [64], the tail current is shaped such that duty 
cycle of the drain current is less than 50%, thus the voltage amplitude is increased. 
Comparing to the oscillation amplitude of a conventional cross-coupled VCO, the amplitude 
is boosted by 4/3 times in [64]. The amplitude is boosted by π/2 times when the duty cycle is 
near zero, corresponding to Class-C operation [65]. However, this requires the gate of the 
transistors to be biased at a lower voltage than the supply voltage in addition to using the tail 
capacitors.  
 From (5-27)(5-28), it is also seen that the oscillation amplitude is increased at the 
low frequency while the amplitude is reduced at the high frequency as the tail current, It2, 
increases, implying that concurrent dual-oscillation with similar amplitude can be achieved 
by tuning the tail current It2. But, a large It2 would degrade the performance at the high 
frequency band. In order to avoid the use of a large It2, the transformer-based tank should be 
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designed such that.      is only slightly smaller than     . A small difference between 
     and      would also help maintain stable concurrent dual oscillation easier. 
5.2.3  Choice of the coupling coefficient 
To implement a transformer-based 4
th
-order tank with the desired resonant 
frequencies of    and   , the coupling coefficient, k, must meet the following condition: 
    
  
    
 
  
    
 . (5-29) 
The upper bound of the coupling coefficient, k, with respective to the frequency ratio, 
     , is plotted in Fig. 5.9. With a smaller frequency ratio, the upper bound of k reduces. 
A ratio of less than 2 is desired to avoid the potential disturbance to the high frequency,   , 
due to the 2
nd
 and higher order harmonics of the lower frequency,   , in the concurrent dual-
oscillation mode, thus k should be less than 0.6. However, a very small k will result in a large 
area of the transformer.  
For the same desired resonant frequencies of    and   , it results in different sets of 
required self-resonant frequencies of the primary and secondary tanks,    and   , when 
different k is chosen. The impedance and quality factor of the tank at    and    will also 
change. A larger k leads to a higher impedance and quality factor at low band, while gives 
lower impedance and quality factor at high band [35]. The impedance of a tank with resonant 
frequencies of ωL= 2π*3 GHz, ωH= 2π*5.6 GHz for various coupling confidents, k, is plotted 
in Fig. 5.10, where the inductance and the loss of the primary and secondary inductors are 
kept the same as the extracted values of the designed transformer (L1= 1.7 nH, R1= 3.2 Ω, 
L2= 3.4 nH, and R2= 3.8 Ω) for the VCO. To achieve balanced impedance at 3GHz and 5.6 
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GHz, the desired k is in the range of 0.35-0.55. As discussed in Section 5.2.1, the proposed 
VCO requires slightly lower impedance at the low oscillation frequency. A k of 0.45 will be 
chosen for the transformer later in the design of the proposed VCO. 
 
 
Figure 5.9.  Upper bound of the coupling coefficient, k, vs. the frequency ratio, ωH/ ωL. 
 
 
Figure 5.10.  Impedance of the tank with resonant frequencies of ωL= 2π*3 GHz, ωH= 
2π*5.6 GHz for various coupling confidents, k, for the configuration of L1= 1.7 nH, R1= 
3.5 Ω, L2= 3.4 nH, and R2= 3.8 Ω. 
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5.3  Circuit Details and Experimental Results 
The circuit of Fig. 5.5 together with a differential open drain buffer was implemented 
in CMOS 0.13 µm technology. The main focus of this design is to achieve triple-mode 
operation, especially the concurrent dual oscillation mode, with the control of the biasing 
currents. In order to investigate the circuit flexibly after fabrication, the two biasing currents 
are tuned externally through two current mirrors. The biasing voltage, Vb, is also controlled 
externally for investigating its effect on the triple-mode operation. Since a wide tuning range 
is not the main scope, each variable capacitor was only implemented using a varactor and a 
switched capacitor to simplify the design. Thus only limited tuning range is achieved, which 
would be seen later from the measurement results. But, the tuning range could be improved 
by using more switched capacitors. 
As discussed in Section 5.2.3, k of 0.35-0.55 is desired in the design of an oscillator 
in 3-and 5- GHz bands. k of 0.45 is chosen and a transformer with concentric structure is 
used. The method of designing a multi-tap transformer [37] is adopted in the design of the 
concentric transformer. With the targeted inductance of L1= 1.7 nH and L2= 3.4 nH and 
consideration of area and quality factor, the final realized 4-port concentric transformer with 
center-taps is realized with 3x3 turns, metal with of 8.4 µm, metal spacing of 5 µm, and outer 
diameter of 270 µm. The spacing between the primary and secondary inductor is 9.5 µm. Top 
two metals connected in parallel are used for good quality factor. Broadband lumped element 
model of the transformer using Π-networks is developed to enable both time-domain and 
frequency domain simulation [37].  
The extracted self-inductance, quality factor, and coupling coefficient from the 
Momentum EM simulation results using the transformer layout and the developed broadband 
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lumped element model are shown in Fig. 5.11. The primary windings exhibits lower Q than 
the secondary winding.  
The fabricated dual-coupled triple mode VCO is shown in Fig. 12, and occupies an 
area of 0.93 mm x 0.8 mm, including pads. The core area of the oscillator is 0.54 mm x 0.3 
mm. The VCO was characterized with Tektronix RSA 6114A spectrum analyzer with phase 
noise option via wafer probing the differential outputs of the buffer, which were biased using 
two Bias-Tees and were converted to a single-ended output using an external hybrid-coupler. 
Direct measurement results are reported in the paper to be consistent with the screen captures 
 
(a) (b)
(c)
L2
L1
Q2
Q1
 
Figure 5.11.  The extract (a) The self-inductance, (b) quality factor, and (c) coupling 
coefficient from the EM simulation and the lumped-element model. 
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of the Spectrum analyzer. The VCO including the buffer dissipates a total of 17.4 mW from a 
1.2-V supply, while only 5.4 mW is dissipated by the VCO core.  
The VCO is configured to mode 1, the single oscillation mode in the 5 GHz band, 
when It1 is set to turn on M1 and M2 , generating enough gm1 to compensate the loss at the 
high frequency band, while M3 and M4 are turned off, making gm2=0, by disabling the current 
source It2. In practice, Vb is shorted to ground in order to completely turn off M3 and M4 
because they could be turned on part of the time when the oscillation amplitude is large while 
Vb is kept at 1.2 V. If M3 and M4 are still turned on partly, gm2 is generated and it increases as 
the oscillation amplitude becomes larger, which would degrade the performance in mode 1 
because it appears as positive impedance in the high frequency band. A more significant 
problem is that a small value of gm2 could increase the impedance of the tank in the low 
frequency band, as seen in Fig. 5.8 (a). Though gm2 is small, it would still large enough to 
induce concurrent dual oscillation. Then the VCO will eventually operate in mode 3. To 
avoid the potential concurrent dual oscillation, Vb is shorted to ground in mode 1. Fig. 5.13(a)  
 
0
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m
0.93 mm
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Buffer
 
Figure 5.12.  Microphotograph of the dual-coupled triple mode VCO. 
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shows a measured output spectrum from 1 to 7 GHz in mode 1 when It1 = 4.5 mA, It2= 0, and 
Vb = 0. The oscillator oscillates at 5.25 GHz with power of -8.23 dBm. 
The VCO is configured to mode 2, the single oscillation mode in the 3 GHz band, 
when Vb is biased at 1.2 V and It2 is set to turn on M3 and M4, generating enough gm2 to 
compensate the loss at low frequency band and increase the loss at the high frequency band, 
while M1 and M2 are turned off, making gm1=0, by disabling the current source It1. Though 
(a) (b)
(c)
 
Figure 5.13.  Measured output spectrum of (a) mode 1, single oscillation in high band, (b) 
mode 2, single oscillation in low band, and (c) mode 3, concurrent dual oscillation in both 
low and high band. 
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M1 and M2 are not completely turned off when the oscillation amplitude is large, the start-up 
condition at the high frequency band could not be met because of the significant loss 
introduced by gm2 to the high frequency band. Thus, concurrent dual oscillation could not 
occur so long as gm2 is large, which is the case of mode 2.  Fig. 5.13 (b) shows a measured 
output spectrum from 1 to 7 GHz in mode 2 when It1 = 0, It2= 4.5 mA, and Vb = 1.2. The 
oscillator oscillates at 3.22 GHz with power of -7.04 dBm. 
The VCO is configured to mode 3, the concurrent dual oscillation mode in both the 3- 
and 5 GHz band, when It1 is set to turn on M1 and M2, generating enough gm1 to compensate 
the loss at both bands, while Vb is biased at 1.2 V and It2 is tuned to adjust the generated gm2 
by M3 and M4 such that the impedance at both bands are close to each other and may be 
compensated with a similar value of gm1. It is worth to mention that gm2 may be also tuned 
by controlling the biasing level of Vb. Fig. 5.13 (c) shows a measured output spectrum from 1 
to 7 GHz in mode 3 when It1 = 4.3 mA, It2= 0.2 mA, and Vb = 1.2. The oscillator oscillates 
both at 3.03- and 5.34 GHz with power of -11.95 and -10.5 dBm, respectively. The output 
power at each frequency is on average 3 dB less than that that in mode 1 and 2, while the 
total output power is the same, which is primarily determined on the total biasing current. 
The tuning range is also tested for the three modes with fixed DC conditions that It1 = 
4.5 mA, It2= 0, and Vb = 0 in mode 1, It1 = 0, It2= 4.5 mA, and Vb = 1.2.V in mode 2, and It1 = 
4.3 mA, It2= 0.2 mA, and Vb = 1.2 V in mode 3. The oscillation frequency may be tuned by 
Vt1 and Vt2, controlling the capacitance of the varactors, and by switching in-and-out a pair of 
switched capacitors. Fig. 14 illustrates the measured oscillation frequency ranges in the three 
modes. In mode 1, the oscillation frequency is in the range of 4.83 ~ 5.28 GHz, shown in Fig. 
5.14 (a), resulting in tuning range of 8.9%. It needs to be mention that Vt2 is not tuned and is 
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set at 0 because Vb is 0 V and the varactor should be reverse biased. In mode 2, the 
oscillation frequency is in the range of 2.76 ~ 3.22 GHz, shown in Fig. 5.14 (b), resulting in 
tuning range of 15.6%. Fig. 5.14 (c) shows the oscillation frequency range in mode 3 when 
only effective concurrent dual oscillation is counted, where the signal power at both 
oscillation frequencies is larger than -16 dBm. The oscillation frequency is in the range of 4.8 
~ 5.42 GHz for the high frequency band, corresponding to tuning range of 12%, and is in the 
 
Vt2 = 0 V
Vt2 = 0 V: dashed line
Vt2 = 1.2 V: solid line
(a) (b)
(c) (d)
 
Figure 5.14.  Measured tuning range of (a) mode 1 (Vt2=0), (b) mode 2 (Vt2=0: dashed line 
and Vt2=1.2 V: solid line), and (c) mode 3 for fixed It2=0.2mA, (d) mode 3 for tunable It2. 
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range of 2.74 ~ 3.11 GHz for the low frequency band, corresponding to tuning range of 13%. 
The effective concurrent dual oscillation frequency range, shown as the shaded area in Fig. 
12 (c), is only a small portion of the paired frequencies between 4.8 GHz and 5.42 GHz in 
the high frequency band and between 2.74 GHz and 3.11 GHz in the low frequency band. 
The frequency ratio of the high and low oscillation frequencies is in the range of 1.73 ~ 1.78.  
But, concurrent dual oscillation can be actually observed in a wider frequency range when 
the biasing current It2 is tuned to adjust the signal power at the two concurrent oscillation 
frequencies, shown in Fig. 5.14 (d). When the power of the high band signal is much lower 
than that of the low band signal, It2 is reduced, while when the power of the low band signal 
is much lower than that of the high band signal, It2 is increased.  
The phase noise is measured with the same DC conditions as in the tuning range test. 
Fig 5.15 shows the measured phase noise in the range of 100 kHz ~ 10 MHz offset from the 
carrier frequency of 5.24 and 3.22 GHz in mode 1 and 2, respectively. The carrier power is -
8.8 and -6.3 dBm, respectively. The measured phase noise is -109.5 and -118.8 dBc/Hz at 1 
MHz offset, respectively, and -125.5 and -130.3 dBc/Hz at 10 MHz offset, respectively. It is 
seen that the phase noise in mode 1 is lower than that in mode 2. That is primary due to lower 
tank quality factor in the low frequency band than that in the high frequency band. The 
smaller different at 10 MHz offset than at 1 MHz is due to higher noise floor in the 
measurement.  The phase noise in mode 3 is measured at carrier frequency of 5.34 and 3.03 
GHz in the high band and low band, respectively. The carrier power is -11.8 and -10.2 dBm, 
respectively. The phase noise is -104.3 and -112.6 dBc/Hz at 1 MHz offset, and -121.6 and -
128.5 dBc/Hz at 10 MHz offset, respectively. Similar to mode 1 and 2, the phase noise at 
high frequency band is about 8~9 dB higher than that in low frequency band at 1 MHz offset, 
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100 kHz 10 MHz
-109.53 dBc/Hz @ 1 MHz
-125.50 dBc/Hz @ 10MHz
100 kHz 10 MHz
-118.75 dBc/Hz @ 1 MHz
-130.25 dBc/Hz @ 10MHz
(a)
(b)
 
Figure 5.15.  Measured phase noise of (a) mode 1, single oscillation in high band, (b) mode 
2, single oscillation in low band. 
 101 
 
and is about 5~7 dB higher at 10 MHz offset. The phase noise in mode 3 is about 4~5 dB 
higher than that in the corresponding band of mode 1 and 2 at 1 MHz offset and about 2~4 
dB higher at 10 MHz offset. That is in part due to the 3 dB lower of the carrier power in the 
mode 3 than that in mode 1 and 2. The smaller different at 10 MHz offset than at 1 MHz is 
due to the higher noise floor in the measurement.  
The measured phase noise in mode 3 is further compared with the simulated phase 
noise, shown in Fig. 16. It is seen that measured curve is roughly agree with simulated one. It 
needs to be mentioned that two ideal band pass filters (BPF)  are used in the simulation of the 
phase noise in mode 3 because the current commercial circuit simulators, such as SpectreRF 
and the ADS harmonic-balance simulator, could not simulate the phase noise of a dual-
frequency oscillator. After the BPFs, two individual sinusoidal signals are obtained and the 
commercial circuit simulators can be used to simulate the phase noise of the individual 
 
 
High band
Low band
 
Figure 5.16.  Measured and simulated phase noise in mode 3. 
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sinusoidal signals. The transient waveforms at the output of the buffer of the oscillator and 
the two BPFs are shown in Fig. 5.17 (a)-(c), respectively. 
Table 5.2 compares the performance of the proposed VCO against the recently 
reported concurrent dual oscillation VCO. The figure of merit (FoM) in the table is defined 
as: 
          ((
  
  
)
  
 (  )      
). (5-30) 
(a)
(b) (c)
 
Figure 5.17.  Simulated transient waveform of mode 3 (a) the differential output, (b) the 
output filtered by an ideal BPF centered at 5.3 GHz, and (c) the output filtered by an ideal 
BFP centered at 3.45 GHz. 
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where is  (  ) the phase noise at   , and Pdiss is the power consumption in mW. The FoM 
with tuning range (FoMT) is given as: 
               (
   ( )
  
). (5-31) 
The FoM of the proposed oscillator is calculated to be 177, 182, and 176/172 dB for the three 
modes, respectively. The FoMT is calculated to be 176, 186, and 178/173, respectively for the 
three modes. In the calculation of the concurrent mode FoM, the power in each band is both 
assumed half of the total power. The proposed VCO exhibits better performance than the 
concurrent oscillator in [22]. Comparing to [23], the performance is comparable in the low 
frequency band, but is worse in the high frequency band. That is mainly because of the low 
tank quality factor of the designed oscillator in the high frequency band, which can be 
improved with a more optimized transformer design. The FoM and FoMT is higher in [23] is 
partly because of the reduced current consumption with more advanced CMOS technology. 
Its large tuning range is because of the use of a large number of switched capacitor tanks. 
However, only a pair of switched capacitors is used for primary and secondary tank in the 
designed VCO. The tuning range of the proposed VCO can be improved by adopting more 
switched capacitors. Besides the switched capacitors, the tuning range in mode 1 may be 
extended by  using bias circuitry for the varactors in the secondary tank so that it can still be 
tuned even when  Vb=0. Though the overall performance is not better than the work reported 
in [23], Vb in the proposed VCO may be biased up to VDD for concurrent oscillation. For a 
simplified design of a concurrent dual- oscillator, Vb may be directed connected to the supply 
voltage and balanced oscillation amplitude is achieved by tuning the tail current, Vt2.   
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Table  5.2.  Summary of VCO performance and comparison to previously published designs 
Ref [22] [23] This work 
Type 
Concurrent 
dual band 
Dual band and concurrent dual band Dual band and concurrent dual band 
High 
band 
Low band 
Concurrent dual 
band 
High band 
(mode 1) 
Low band 
(mode 2) 
Concurrent dual 
band (mode 3) 
Tech. 
0.18 µm 
SiGe 
BiCMOS 
65 nm CMOS 0.13 µm CMOS 
Area (mm
2
) 1.2 0.23* 0.74 (0.16*) 
VDD (V) 2 1.2 1.2 
Current 
(mA) 
17.5 1.43 0.75 1.6 4.5 
Freq. (GHz) 2.23/4.98 9.53 5.44 5.15/9.28 5.24 3.22 3.03/5.34 
Tuning 
range (%) 
12.5/10.3 23.2 33.7 34.7/22.8 8.9 15.6 12.1/12.8 
Phase noise 
(dBc/Hz) 
-109/-103 
@1MHz 
-127.54 
@10MHz 
-131.08 
@10MHz 
-129.94/ -127.68 
@10MHz 
-109.5 
@1MHz 
-118.8 
@1MHz 
-112.6/-104.3 
@1MHz 
-125.5 
@10MHz 
-130.6 
@10 MHz 
-128.5/-121.6 
@10MHz 
FoM (dB) 164/165 185 186 184/187 177 182 176/172 
FoMT (dB) 166/165 192 197 195/194 176 186 178/173 
* Excluding pads 
 
1
0
4
 
 105 
 
5.4  Summary 
A transformer-based dual-coupled triple mode VCO is proposed and fabricated in 
0.13 µm CMOS. The VCO is able to generate a single frequency in the 3 and 5 GHz bands, 
respectively, as well as two frequencies in the 3- and 5 GHz bands simultaneously. The triple 
mode operation is realized with a transformer-based 4
th
 order tank with tunable 
transconductance feedback between the primary and secondary coils and is flexibly 
reconfigured by controlling the bias current. The VCO achieves phase noise of -109.5, -
118.8, and -112.6/-104.3 dBc/Hz at 1 MHz offset when the oscillator oscillates at 5.24 GHz, 
3.22 GHz, and 3.03/5.34 GHz, respectively. The turning range is 8.9%, 15.6%, and 
12.1/12.8% in the three modes, respectively. The VCO core occupies an area of 0.54 × 0.3 
mm
2
, and has a power dissipation of 5.4 mW from a 1.2 V supply. It provides a compact and 
flexibly tuned frequency generator solution for soft-ware defined radios supporting 
concurrent intra-band receptions. 
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CHAPTER 6.  CONCLUSIONS 
 
6.1  Contributions 
This research investigates two building blocks in the multi-band multi-standard SDR 
receiver capable of concurrent reception, the LNA and the VCO, utilizing transformer-based 
series and parallel resonators.  
Transformers, however, are not provided by the foundry in the product design kit 
(PDK) and must be designed and modeled first before adopted in the circuit design. To 
facilitate the design cycles, a design method of a multi-tap transformer, applicable to 
conventional transformers, is outlined. A broadband lumped model is also proposed. The 
design methods and broadband model were verified with the implemented multi-tap 
transformers in 0.13 µm CMOS.  
A reconfigurable multi-mode input matching network of a LNA utilizing an 
asymmetric multi-tap transformer is then proposed. The matching network is analyzed in 
details regarding the parameters of the multi-tap transformer. Based on the analysis, a design 
strategy is outlined. Noise analysis is also provided. The multi-mode LNA was prototyped in 
0.13 µm CMOS and achieves comparable performance with state-of-art narrow-band, 
concurrent-dual band, and wideband LNAs, while supporting all three types of operation. 
Finally, a dual-feedback triple-mode VCO is presented, generating two frequencies 
either concurrently or one at a time. The VCO features a transformer-based high order tank 
with its impedance tuned by feedback transconducance cells between the primary and 
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secondary inductor. Three operation modes are realized by tuning the transdonctance. The 
oscillation frequency, start-up condition, and oscillation amplitude are analyzed for each 
operation mode. The triple mode VCO was prototyped in 0.13 µm CMOS and achieves a 
FOM comparable with state-of-art VCOs. 
6.2  Future Work 
While this research prototype a multi-mode LNA and a triple-mode VCO supporting 
concurrent reception, there are various fields that need further study in order to implement a 
fully integrated SDR receiver supporting carrier aggregation. For example, system level 
frequency plan and the nonlinearities of the LNA and mixer must be re-studied to minimize 
the interference among the simultaneously received signals because the number of harmonics 
and intermodulation signals increases substantially. Besides, it will become much more 
complicated when taking the concurrent resonant VCO into account since there are as well a 
significant number of harmonics and cross-modulation signals from the VCO.  
To support the popular quadrature operation, a quadrature version of the triple mode 
VCO is needed. A dual-loop PLL is also needed to precisely control the frequencies when the 
VCO operates in the concurrent dual-resonant mode. A possible solution is to use a 
conventional PLL and include a bandpass filter after the frequency divider to separate the 
two frequencies. Only very little extra current consumption is expected in the bandpass filter 
because it operates at very low frequency. 
This dissertation investigates multi-tap transformers in details for the first time and 
adopts it into the design of a LNA. There are various opportunities for future research in the 
application of multi-tap transformers in various RF circuits besides the LNA. For example, a 
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multi-tap transformer may be used in the matching network and power combing circuitry of a 
power amplifier. A multi-tap transformer may also be used to provide flexible feedbacks in a 
broad range of RF circuits that have adopted reactive feedbacks.. 
1
0
8
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